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Abstract 
 

In this dissertation, various systematic vulnerabilities throughout the digital 

phase-locked loop (PLL) and clock and data recovery (CDR) circuitries are 

solved by employing novel digital / digital-driven mixed-signal circuit tech-

niques. Unlike traditional analog design approaches, the design constraints of 

these timing circuits can be efficiently mitigated by exploiting the scalability or 

programmability of digital technologies. For instance, convenient calibration 

implementations and realization of specific transfer functions are exemplary 

cases. Throughout this research, the challenges that have been focused on are: 

improvement of 1) jitter transfer characteristic of PLL and constant time-to-

digital conversion (TDC) gain, 2) CDR tracking ability to receive spread spec-

trum (SSC) modulated data, 3) characteristic of 2× the residual amplification 

performed by multiplying digital-to-analog converter (MDAC) for pipelined 

analog-to-digital converter (ADC), and 4) hardware cost of the sub-sampling 

phase-locked loop. 

First, this dissertation describes a digital PLL (DPLL) that realizes a peak-

ing-free jitter transfer. By eliminating zero in PLL’s closed-loop transfer func-

tion, fast-stabilization speed without overshoot in the phase domain and ab-

sence of jitter peaking in the frequency domain without amplifying in-band 

noise can be achieved. Unlike the previous studies, peaking-free transfer char-

acteristic of the proposed digital PLL can be achieved solely by modifying the 



  

ii 

 

digital loop filter (DLF). Moreover, this DPLL adopts a new-type time-to-dig-

ital converter (TDC), which consists of sigma-delta modulator (DSM) and 

phase-to-digital converter (phase DAC) in order to add oversampling clocks to 

time-varying random offset. By doing this, the proposed TDC realizes a uni-

form and linear TDC transfer function independent of process, voltage, temper-

ature (PVT), and jitter. The proposed PLL is fabricated in 65nm low-power (LP) 

CMOS process, and the measured result shows a fast settling speed of 1.58μs. 

Second, this dissertation proposes an auxiliary digital controller to allow re-

ceivers to receive deep spread-spectrum clock (SSC) modulated data with large 

timing margin. The proposed digital controller for SSC tracking implements an 

integral-based mean-tracking (IBMT) algorithm, which allows for noise-toler-

ant and accurate SSC timing recovery. According to analysis on this circuit, 

estimation error in restoring the timing of SSC deflection points is as low as 

0.01%, and the timing error does not exceed 1.5% even when 20-dB signal-to-

noise-plus-distortion ratio (SNDR) noise source is applied. The simulation re-

sult for the entire CDR equipped with this IBMT loop has 1.57× improved tim-

ing margin in comparison with a second-order PLL-based digital CDR when 

tracking 30 kHz, 50,000-ppm SSC data. 

Third, this dissertation introduces the design of a sub-sampling digital PLL 

(SS-DPLL) with a time-based pipelined ADC. The main component, the mul-

tiplying digital-to-analog converter (MDAC), utilizes combination of integrator 

& fire (I&F) circuitries and digital CMOS logic gates to achieve efficient time-

domain design. It exhibits constant and calibration-free 2× residue gain. There-
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fore, pipelined ADC utilizing the MDAC stages can be implemented with effi-

cient power/area and can reduce complicated calibration strategy. In addition, 

the proposed time-based pipelined ADC can replace the existing ADCs in the 

SS-DPLL to reduce the hardware complexity and total power of the SS-DPLL. 

According to the simulation results, the figure-of-merit (FOM) of the proposed 

time domain pipelined ADC is 24.6 fJ/conv and the ENOB/SNDR are 8.25 

bit/51.5 dB, respectively. The FOM of the 9-GHz SS-DPLL with this pipelined 

ADC is about -239dB. 

 

Keywords: Digital phase-locked loop (DPLL), Digital clock and data 

recovery (DCDR), Digital loop filter (DLF), Spread-spectrum clocking (SSC), 

Analog-to-digital converter (ADC), Pipelined ADC, Sub-sampling DPLL (SS-

DPLL) 
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Chapter 1.  

 

Introduction 
 

1.1. Motivation 

As CMOS technology scaling has drastically advances, digital 

implementation of critical subsystems or components has been substituted for 

that of analog counterparts. Fig. 1.1 shows Intel’s trends [1] for improving 

transistor performance, reducing dynamic capacitance and active power 

consumption. The digital-intensive mixed-signal or all-digital designs can 

exploit the full benefits of this scaling-down while analog designs still suffer 

from limited voltage-headroom or large number of passive components which 

is not scaled in accordance with this trend. Moreover, this process (i.e., 

digitization) entails not only apparent advantages of repeatability, reusability 

and portability but high-performance digital signal processing (DSP) at low-

cost which can be powerful candidate for correcting the various analog 

impairments. 

In keeping with this trends, key building-blocks for high data-rate wireline 

and wireless communication systems, phase-locked loops (PLLs) and clock and 
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data recovery (CDRs) as shown in Fig. 1.2, have been also implemented as 

digital fashion. Digital PLLs (DPLLs) and digital CDRs (DCDRs) offer several 

advantages over their analog versions. First, analog PLLs/CDRs suffer from 

large portion of on-chip passive components (loop-filter capacitance and 

resistance in Fig. 1.2) which is not scaled with technology shrink to the same 

ratio. Second, while the characteristic of those passive components varies with 

process, voltage, and temperature (PVT), digital loop filter (illustrated in Fig. 

1.3) can minimize the influence from PVT variation. Third, analog PLLs/CDRs 

are restricted by limited voltage headroom and device leakage. Lastly, by 

avoiding pure-analog components such as charge pump (CP), their 

implementation can be rely heavily on design automation flow used by digital 

VLSI circuit design. 

 

 
Figure 1.1: Trends for improving transistor performance and reducing active 
power [1]: (a) Transistor performance, (b) dynamic capacitance, (c) performance 
per watt. 
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Above all things, the scalability and programmability of digital/mixed-signal 

based design are the most salient advantages in designing these high-speed link 

systems. For instance, since the loop parameters in PLLs/CDRs are not easily 

set by analog domain, various digital calibration techniques are already 

employed even in the conventional PLLs/CDRs [2]-[5]. 

By exploiting the advantages more aggressively, we can solve the inherent 

limitations on the system which have long been regarded as inevitable. For 

instance, infinite impulse response (IIR) filter [6] and finite impulse response 

(FIR) filter [7] can be adopted to attenuate specific noise components in the 

system or to improve settling behavior by altering z-domain loop transfer 

 
(a) 

 

(b) 

Figure 1.2: Block diagram of (a) phase-locked loop (PLL) (b) PLL-based clock 
and data recovery (CDR). 
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characteristics, respectively. In case of digital-intensive mixed-signal technique, 

the combination of high-resolution time-to-digital converter (TDC) (or digital-

to-time converter (DTC)) and its auxiliary digital module (least-mean-square 

(LMS) algorithm) in Fig. 1.4 [8] is an exemplary technique, which can 

successfully suppress the quantization noise stemmed from fractional-N 

division. Furthermore, automatic optimal loop gain controls using DSP (to 

calculate auto-correlation function) for bang-bang PD [9] or TDC [10] were 

investigated to minimize output jitter. Fig. 1.5 summarizes possible strategies 

utilizing digital techniques to solve systematic problems in PLLs/CDRs. 

 

 
(a) 

 

(b) 

Figure 1.3: Block diagram of (a) digital phase-locked loop (DPLL) (b) PLL-based 
digital clock and data recovery (DCDR). 
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Motivated by the superiority of these digital-intensive approaches so far, this 

dissertation proposes novel digital circuit techniques that can overcome 

existing systematic limitations of PLLs/CDRs. 

The systematic problems that I tried to solve throughout this 

dissertation can be listed as below: 

1. Jitter peaking in PLL’s transfer function. 

2. PVT-variant, jitter-sensitive and power-inefficient TDC characteristics. 

3. Severe timing error/offset when CDR tracks deep spread-spectrum clock 

(SSC) modulated data. 

 
Figure 1.4: Mixed-mode exemplary circuit technique: quantization noise suppres-
sion due to fractional-N division. 

 

 
Figure 1.5: Summary for possible digital techniques in PLL/CDR. 
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4. A structurally complex, difficult to calibrate, and power-inefficient 2× 

residue amplifying method of pipelined ADC which can be potentially 

utilized by sub-sampling PLL (SS-PLL). 

 

1.2. Thesis Contribution and Organization 

To address aforementioned challenges, this dissertation presents three digital 

PLL/CDR designs and their distinct digital or digital-intensive mixed-mode 

circuit techniques. 

First, in order to eliminate jitter-peaking in PLL’s transfer function, a 

peaking-free loop filter [11] is proposed. Unlike the previously-reported PLL 

with peaking-free characteristic, the digital PLL in [11] implements the 

peaking-free loop filter directly in digital domain, which removes additional 

noisy components in the clock path. Therefore, the prototype chip in [11] 

exhibits fast-settling behavior without overshoot in time-domain and peak-less 

transfer characteristic in frequency-domain. 

Second, in order to achieve PVT-invariant and jitter-insensitive low-power 

linear time-to-digital converter (TDC), a set of three binary phase-frequency 

detectors (PFDs) oversamples the timing error with time-varying offsets [11]. 

Time-varying offset, or dithering triggered by the combination of phase 

interpolator (PI) and sigma-delta modulator (DSM) effectively linearizes 

quantized staircase TDC transfer function in statistical sense, which is invariant 

to both of PVT variation and input jitter magnitude. 

Third, in order to lower bit-error rate (BER) when receiving deep spread-
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spectrum clock (SSC) modulated data, extremely accurate and noise-insensitive 

SSC tracking aid is proposed in [12], which is fully implemented in digital 

domain. In the condition of deep SSC modulation environment, digital CDR 

should be equipped with an estimator which can notify the time instants when 

the slope of SSC ramp changes its polarity. In this dissertation, the proposed 

SSC estimator, or SSC tracking aid extracts the mean of SSC by combining 

integral and negative-feedback in digital domain. The digital CDR employing 

the proposed digital technique shows the timing error when tracking deep SSC 

data (i.e., 50,000-ppm) are effectively suppressed in comparison with previous 

solutions. 

Lastly, in order to achieve power-efficient 2× residue amplification in 

pipelined ADC with convenient calibration method, time-based multiplying 

digital-to-analog converter (MDAC) that consists of CMOS logic gates and 

integrate-and-fire (I&F) unit cells is proposed. By virtue of its structural 

simplicity and robustness, low-power and area-efficient pipelined ADC can be 

achieved, which can eventually be a strong candidate to replace the flash ADCs 

in existing sub-sampling PLLs (SS-PLLs). In addition, latency reduction 

technique that transmits ADC’s outputs sequentially from MSB to LSB is also 

implemented in digital domain to enhance PLL’s stability or response. 

This dissertation is technically based on cell-based design flow (CBDF) with 

analog cell library (ACL). CBDF originally used in digital system design is a 

process starting by defining intent, and mapping it into reality. On the solid 

foundation of ACL, CBDF can be well extended to mixed-signal version. By 

using CBDF, the PLLs and CDRs in this dissertation can be not only verified 
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using fast and time-accurate event-driven simulator called XMODEL [13] but 

fabricated using automatic place and route (P&R) tools. This dissertation also 

introduces the CBDF and higher-level abstracted ACL enabling both of 

efficient verification and fabrication. 

This dissertation is organized as follows. In Chapter 2, a design of peaking-

free digital PLL is presented. Specifically, the core peaking-free digital filter 

design and linear TDC using DSM-based dithering will be thoroughly 

explained and elaborated. Chapter 3 introduces SSC-tracking digital CDR using 

accurate and noise-resilient SSC tracking aid. The implementation of the 

proposed SSC tracking aid, called integration-based mean-tracking (IBMT) 

loop will be described. Also, analysis its loop dynamics and elaboration on the 

key performance metric will be followed. In Chapter 4, new-type time-domain 

pipelined ADC will be firstly introduced. Then, sub-sampling DPLL employing 

this pipelined ADC will be described. The detailed analysis and implementation 

of those architectures will be deeply elaborated. Chapter 5 demonstrates the 

CBDF with ACL for mixed-signal circuit design. The detailed procedure for 

each step will be explained. Lastly, Chapter 6 summarizes and concludes this 

dissertation. 
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Chapter 2.  

 

Peaking-Free Digital Phase-

Locked Loop (DPLL) 
 

This chapter describes a digital phase-locked loop (DPLL) that realizes a 

peaking-free jitter transfer. In comparison with the conventional second-order 

PLL, the proposed DPLL’s transfer function does not have a closed-loop zero. 

Therefore, such a PLL does not exhibit overshoot in the phase step response 

and achieves fast settling. As mentioned previous chapter, the only modifica-

tion in the digital domain can changes PLL’s whole transfer characteristics dra-

matically. This chapter includes an analysis on the loop dynamics and design 

considerations to achieve robust peaking-free characteristic based on the famil-

iar linear system theory. In addition, the linear TDC implemented by the mixed-

mode circuits consisting of binary phase detectors, phase interpolators and 

sigma-delta modulator (DSM) is described in this chapter. The principle of the 

dithering-based linearization will be thoroughly discussed. 
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2.1. Backgrounds 

2.1.1. Jitter Peaking in Conventional Second-
Order Digital PLL 

Commonly-referred weakness of the PLLs against delay-locked loops (DLLs) 

is jitter accumulation [14], which refers to continued augment in the phase error 

even while the feedback path tries to correct it. This is mainly due to the 

presence of a closed-loop zero in its transfer function. In this sub-section briefly 

explains the causes of jitter-peaking behavior found in the conventional second-

order PLLs. 

Fig. 2.1(a) illustrates the s-domain model of a conventional second-order 

digital PLL employing proportional-integral (PI) loop filter. Its closed-loop 

transfer function is expressed as 

where KP and KI are the proportional and integral gains of the loop filter, 

respectively, and K is defined as KTDCKDCO/N, where KTDC and KDCO are the 

TDC and DCO gains, respectively. The generalized root locus [15] which is 

extended version of root locus as a function of any parameter in the loop can be 

used the analysis of Eq. (2.1). As illustrated in Fig. 2.1(b), generalized root 

locus of H(s), the closed-loop system has two poles which can be complex with 

low K values, but remain as real as K increases. On the other hand, the system 

has a zero at the fixed position of ωz = -KI/KP, which is always lower than the 

  (2.1) 
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lower pole frequency (ωp1). Therefore, the closed-loop transfer function H(s) 

always exhibits a peaking, whose peak magnitude is: 

 

Fig. 2.1(b) and Eq. (2.2) imply that the peaking in H(s) can never be 

completely eliminated even though its amount can be reduced by increasing K 

or increasing the ratio of K2
P/KI. Besides, an excessively over-damped system 

is not desirable due to its slow settling response. Therefore, most second-order 

  (2.2) 

 

 

 
Figure 2.1: (a) s-domain system model of a conventional second-order PLL and 
(b) its generalized root locus illustrating the pole/zero locations of the closed-loop 
system with the increasing K. 
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PLLs exhibit some amount of jitter peaking and many PLL specifications 

prescribe the maximum jitter peaking permitted (e.g., 0.1 dB in the SONET 

standard [16]). 

 

 
 

Figure 2.2: Previously published peaking-free PLLs: (a) the analog PLL with cas-
caded VCDL [17], (b) the analog PLL with a programmable divider for phase 
error compensation [18], and (c) its equivalent digital PLL [19]. 
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2.1.2. Previously Reported Peaking-Free PLLs 
A few circuit techniques to eliminate the closed-loop zero and jitter peaking 

in the second-order PLLs have been reported in literature. For instance, Fig. 

2.2(a) shows the block diagram of an analog-type peaking-free PLL presented 

in [17]. The PLL uses an integration-only filter with the charge pump, but 

instead employs an additional voltage-controlled delay line (VCDL) in the 

input clock path, which shares the control voltage Vctrl with the voltage-

controlled oscillator (VCO). The VCDL delay offsets the phase error measured 

by the phase detector and Vctrl is governed by: 

 
where KD is the VCDL gain. Note that the KDVctrl(s) term compensates the phase 

error and stabilizes the feedback. More importantly, the closed-loop system H(s) 

of the PLL does not have a zero and achieves a peaking-free transfer 

characteristic: 

 

However, a difficulty associated with this design is that the VCDL must have 

a wide enough range covering the entire range of Vctrl. Such a wide-range 

VCDL is typically sensitive to the noise on the supply, substrate, or control 

voltage Vctrl, which may degrade the PLL jitter performance.  

On the other hand, PLLs with a programmable divider [18], [19] can also 

realize a peaking-free characteristic. Fig. 2.2(b) and (c) show the block 

diagrams of the analog [18] and digital [19] versions of this PLL, respectively. 

Both of the PLLs implement the phase error offset, i.e. the KDVctrl(s) term in Eq. 

  (2.3) 
 

 
 

(2.4) 
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(2.3), by momentarily changing the division ratio from its nominal value (N0). 

For instance, the analog PLL in Fig. 2.2(b) quantizes the pulse widths of the 

phase-frequency detector output signals (up and dn) and adjusts the division 

factor N0+∆N, accordingly. The digital PLL in Fig. 2.2(c) measures the phase 

error in finer resolution by accumulating the bang-bang phase detector outputs 

for multiple cycles and applying the result to a delta-sigma fractional divider.  

However, one limitation of using a programmable divider is that its phase 

adjustment resolution is too coarse to correct a small phase error, especially 

when the nominal division ratio N0 is small. For this reason, the PLL in Fig. 

2.2(b) reverts back to a conventional second-order PLL when the phase error is 

small by enabling the series resistance in the loop filter. While the delta-sigma 

fractional divider in Fig. 2.2(c) can alleviate this resolution problem somewhat, 

the need to filter its quantization noise puts a constraint on the maximum PLL 

bandwidth possible. 

 

2.2. The Proposed Peaking-Free Digital PLL 

The proposed peaking-free digital PLL in this dissertation is different from 

the previously reported ones in that the only change is made to the digital loop 

filter. In other words, Eq. (2.3) is directly implemented in digital domain, 

without requiring any additional circuit blocks on the clock path. Fig. 2.3 

depicts the architecture of the proposed digital PLL, composed of a TDC, a 

peaking-free digital loop filter, a DCO, and an integer-N frequency divider. The 

digital loop filter compensates the phase error by subtracting a KD-scaled DCO 
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code (Dctrl) from the digitized phase error (Derr). 

The proposed peaking-free digital PLL has a number of advantages 

compared to the previous designs. First, no additional circuit blocks such as a 

wide-range VCDL or programmable divider are required on the clock paths 

which may adversely affect jitter performance. Second, fine-resolution phase 

correction is possible which is limited only by the internal bit resolution of the 

digital filter. Third, this new digital loop filter can be easily incorporated into 

other existing digital PLLs and clock and data recovery (CDR) loops by 

reprogramming the RTL descriptions for their digital loop filters. Table 2.1 

summarizes these advantages of the proposed peaking-free digital PLL. 

Note that the digital filter shown in Fig. 2.3 contains a high-pass filter (HPF) 

in its nested-feedback compensation path to suppress the PLL’s static phase 

offset. Without it, the compensation path would always subtract a non-zero 

value from the digitized phase error, causing a static phase offset that varies 

with the final Dctrl value. This HPF calls for some consideration as its improper 

design may change the loop dynamics and may even reintroduce jitter peaking. 

The analysis in the subsequent subsection will show that a HPF with 

 
Figure 2.3: Block diagram of the proposed peaking-free digital PLL. 
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sufficiently low cut-off frequency can maintain the desired peaking-free 

characteristic and keep the static phase offset at zero. 

 

2.3. Analysis on Peaking-Free DPLL’s Loop 
Dynamics 

This section analyzes the loop dynamics of the peaking-free DPLL. Before 

delving into the concrete analysis, note that the z-domain discrete-time system 

model can be approximated using z-1 as exp(-sTs) ≈ 1-sTs. While this 

approximation is valid only for a frequency range well below the sampling 

frequency (1/Ts), it facilitates the easier yet accurate analysis for PLLs with low 

enough bandwidths [20]. 

 

Table 2.1: Comparison of prior peaking-free architectures. 
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2.3.1. Case without High-Pass Filter (HPF) 
Fig. 2.4 shows the z-domain system model of the PLL without the HPF which 

can guide the design of the basic loop parameters achieving the desired 

peaking-free characteristics. First, the transfer function of the digital loop filter 

HLF(z) is: 

 

where α and β are the gain coefficients which are related to KD and KI in Fig. 

 
 

(2.5) 

 

 
Figure 2.4: z-domain model of the proposed peaking-free digital PLL without a 
HPF. 

 

 
Figure 2.5: Generalized root locus plot with K’ of peaking-free DPLL without 
HPF. 
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2.3, respectively. Then the open-loop transfer function of the PLL G(z) is: 

 

where KTDC and KDCO are the TDC and DCO gains, in units of bits/radian and 

Hz/bit, respectively. Also, N is the dividing ratio and Ts is the sampling 

frequency of the digital filter. Using 1-z-1 ≈ sTs, the approximate s-domain open-

loop transfer function G(s) is: 

 

Finally, the overall closed-loop transfer function of PLL H(s) is: 

 

As expected, the closed-loop transfer function H(s) in Eq. (2.8) does not 

contain any zeros. 

The natural frequency (ωn) and damping factor (ζ) of the PLL can be derived 

as the following: 

 

Therefore, once the values for KTDC, KDCO, N, and Ts are known, the proper 

values for α and β achieving the desired bandwidth (ωn) and stability (ζ) can be 

 
 

(2.6) 

 

 
. 

(2.7) 

 

 
, 

 

where  . 

 
(2.8) 

 

 
, 

 

. 

 
(2.9) 
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determined via Eq. (2.9). Fig. 2.5 shows the generalized root locus plot 

illustrating the trajectories of the closed-loop poles as the gain K’ increases. As 

long as the gain K’ is sufficiently low to satisfy ζ>1 of Eq. (2.9), the PLL has 

only real-value poles, which enables to exhibit no jitter peaking. 

 

In comparison with Eq. (2.10), the conventional second-order PLL case 

discussed previous subsection suffer from jitter peaking, the magnitude of 

which is 1+1/(4ζ2). 

 

2.3.2. Case with High-Pass Filter (HPF) 
Fig. 2.6 shows the z-domain system model of the PLL including the HPF. 

While the HPF’s role is to suppress the static phase offset, its presence may 

change the PLL loop dynamics. This subsection derives the required cut-off 

frequency of the HPF to retain the peaking-free transfer function in Eq. (2.8). 

First, the z-domain transfer function of the loop filter including the HPF 

 
2

2'
4 s

K
T

α β
≤  . (2.10) 

 

 
Figure 2.6: z-domain model of the proposed peaking-free digital PLL with a HPF. 
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HLF,HPF(z) is: 

 

where κ is the gain coefficient used within the HPF, setting its cut-off frequency 

to κ/Ts. Similarly with α and β, a value rounded to a power of 2 is preferred to 

avoid the use of a full multiplier.  

With the modified loop filter in Eq. (2.11), the s-domain open-loop transfer 

function G(s) and the closed-loop transfer function H(s) of the PLL becomes: 

 

 
Note that H(s) in Eq. (2.13) converges to the previous one in Eq. (2.8) when 

κ is sufficiently small compared to αβ and sTs. This will serve as the criteria to 

determine the HPF’s cut-off frequency. 

Fig. 2.7 presents the root-locus analysis explaining the need for a small κ. As 

Fig. 2.7(a) shows, the HPF introduces a pole-zero pair near DC. The Bode plot 

in Fig. 2.7(b) suggests that the difference between the pole and zero frequencies 

results in an increase in the mid-band gain of the PLL. However, this difference 

diminishes as κ decreases and hence the HPF cut-off frequency decreases. Note 

that with a large κ, complex poles are introduced and the overall stability can 

be drastically degraded as shown in Fig. 2.7(c) 
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, 
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Fig. 2.8 plots the simulated increase in the PLL’s mid-band gain varying with 

the HPF’s cut-off frequency, when the target bandwidth and damping factor are 

750kHz and 1, respectively. The results suggest that with a cut-off frequency 

below 8.77 kHz (corresponding to κ = 2-14 in this design), negligible increase 

in the mid-band gain below 0.01-dB can be achieved. While an excessively low 

cut-off frequency may cause a slow settling of the static phase offset, it is not 

an issue when the DCO frequency is fixed and only the phase response is of 

 
Figure 2.7: (a) Generalized root locus plot, (b) Bode plot, and (c) failure case root 
locus plot of the PLL with different κ. 
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concern. 

Fig. 2.9 compares the simulated phase step responses of the PLLs discussed 

in this section. All the PLLs are designed with identical bandwidths of 750-kHz 

and damping factors of 1. The cut-off frequency of the HPF is set at 8.77-kHz. 

As expected, the conventional PLL has an overshoot in its phase step response 

and a slow settling time of 3.25-μs. On the other hand, the peaking-free PLLs 

achieve faster settling times of 1.0-μs without such overshoots. In addition, the 

peaking-free PLL with the HPF settles to a zero static phase offset. 

 

 

 

 

 
Figure 2.8: Simulated mid-band gain as a function of the high-pass filter’s cut-off 
frequency. 
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2.4. Linear TDC using DSM-PI-based Dith-
ering Technique 

The peaking-free digital PLL requires a linear TDC which can provide a 

digitized measure of the phase error. Otherwise, linear analysis in previous sub-

section may be invalid. For instance, if bang-bang PD is employed in the 

peaking-free PLL, the linearization techniques should be accompanied. 

However, in case that there exists substantial loop latency, the PLL can be 

suffer from severe limit cycle exhibiting unstable response as conventional PLL 

does. 

 
Figure 2.9: The comparison between simulated phase step responses of (a) a sec-
ond-order PLL, (b) a peaking-free PLL without HPF, and (c) a peaking-free PLL 
with HPF. 
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2.4.1. Previously-Reported TDCs 
One problem with the existing TDC designs is that their gain and resolution 

may vary with the operating conditions. Vernier-type TDC in [21] is made of 

delay buffers-chain, the delay of which can change with PVT conditions. Gated 

ring oscillator based TDC (GRO-TDC) [22] can achieve high-resolution with 

first-order noise shaping, but its performance also relies on the PVT variation 

and its power dissipation can be substantial. Stochastic TDC [23] can achieve 

ultra-high resolution with good linearity, its transfer can be affected by PVT 

variation. On the other hand, a single BB-PFD can serve as a linear TDC in 

presence of the input jitter, but its effective gain depends strongly on the jitter 

condition. One way to alleviate this dependency is to add an intentional dither 

jitter that can overwhelm the other jitter components [24]. However, the 

resulting TDC characteristic may still be subject to PVT variations, unless the 

dither jitter is generated in a PVT-independent way. 

 

2.4.2. The Implementation of Dither-based 
Oversampling TDC 

Fig. 2.10 shows the block diagram of the proposed linear TDC. A constant 

TDC gain which is independent of the PVT and input jitter conditions is 

achieved. The TDC core is basically composed up of three bang-bang (binary) 

PFDs, each of which is triggered by individually dithered clocks. The dithered 

clocks are generated using a set of phase-domain digital-to-analog converters 

(phase DACs), including PIs and MUXes, and a 1-1-1 third-order multi-stage 

noise-shaping (MASH) sigma-delta modulator (DSM).  
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The DSM generates a pseudo-random dithering sequence whose noise power 

is sufficiently shaped beyond operating frequency range by using maximum-

length constant input value possible as the input (i.e., the minimum fractional 

value) [25]. According to Theorem I in [25], the sequence length N of the error 

feedback modulator (EFM) is N = M/2j if the input signal is M×α, and M×α is 

rational number, M×α = Σpk×2k = 2j×B, where Bmod2=1, pk is zero or one, and 

2j<M. It implies the sequence length depends on the input constant. For some 

inputs, therefore, the sequence length is relatively long, and the noise power is 

effectively spread. The proposed dither-TDC utilizes this property. 

Each phase DAC then converts the sequence into a dithering clock with a 

unit phase step size of  and a phase offset of - , 0, or + . Both the 

dither jitter step ( ) and phase offset ( ) are digitally programmable in 

units of PI resolution steps via an external I2C interface. When the up/down 

 
Figure 2.10: Block diagram of the DSM-PI-based dithering TDC. 
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counter tallies the BB-PFD outputs (up and dn) over multiple input cycles, the 

difference in their counts indicates the digitized phase error (Derr). 

Fig. 2.11 illustrates how this TDC provides a linear measure on the phase 

error. Basically, each BB-PFD recovers the linear measure in a statistical sense 

by comparing the phase error with a different threshold each cycle. Furthermore, 

the use of multiple BB-PFDs whose sampling phases dither at different offsets 

(фdither,l, фdither,c, and фdither,r) enhances the accuracy of the phase error that can 

be recovered in a finite time period. Fig. 2.11 illustrates the probability density 

functions (PDFs) of the individual feedback clock phases triggering BB-PFDs 

and the aggregate PDF of all the clock phases combined (фdither,tot). When finite 

 
Figure 2.11: Linearization of the TDC characteristics with added pseudo-random 
dither. 
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input jitter is present, the effective jitter PDF experienced by the BB-PFDs is 

the input jitter PDF convolved with the added dither jitter PDF. It can be shown 

that with a proper amount of dither jitter and phase offset between the unit PDFs, 

the aggregate PDF can take an approximately uniform distribution in the range 

of -  ~ + . This uniform PDF results in a linear TDC characteristic within 

the range when the TDC output is computed as a difference between up and dn 

counts of the BB-PFDs accumulated over a given period. In addition, as long 

as the phase offset ( ) and dither jitter step ( ) maintain constant 

magnitudes in units of UIs (i.e., in fixed numbers of PI steps), the effective TDC 

gain is determined mainly by , which can remain constant despite the 

change in the PVT or input jitter conditions. 
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2.4.3. Noise analysis of the Dither-based Over-
sampling TDC 

The dithering jitter and quantization noise of the dither-based oversampling 

TDC can degrade the overall phase noise performance of the PLL. Fig. 2.12 

depicts the noise model to analyze these TDC-related noise sources. Using the 

approach described in [26], the TDC is modeled as a linear gain element 

followed by an additive white noise source, where the effective linear gain. 

According to detailed background explained in [26], [27], the key principle is 

to determine the linear gain such that the mean square error (MSE) in modeling 

the nonlinear element using the linearized gains is minimized. Then, the 

linearized gain and quantization noise can be derived by taking partial 

derivatives of the MSE term. Likewise, the effective linear gain  

and the noise variance  can be derived using the following equations: 

 
Figure 2.12: PLL model for analyzing the noise contribution of the TDC quanti-
zation noise and dither jitter. 
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U(·) denotes the raw transfer function of the TDC and f(ϕerr) is the PDF of 

the phase error including the dither. Once this linearized TDC model is derived, 

the power spectral density (PSD) of the PLL output phase noise due to the TDC 

quantization noise (ϕq) and dither jitter (ϕdither) can be obtained: 
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Figure 2.13: Normalized total integrated jitter varying with dither jitter. 
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Using Eq. (2.14)-(2.16), it can be shown that for a given BB-PFD phase 

spacing of , there exists an optimal amount of dither jitter (σdither) that 

  (2.16) 
 

 

 
Figure 2.14: (a) Simulated power spectral density (PSD) of the phase noise con-
tributed by dithering and quantization noise components and (b) total phase noise 
of the proposed digital PLL including the DCO and input noise 
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minimizes the contribution of the TDC-related noises to the output phase noise, 

. Fig. 2.13 plots the normalized integrated jitter of  as 

a function of σdither for the  values of 0.0625 and 0.0312-UI when the PLL 

has a bandwidth of 750-kHz and damping factor of 1. The optimal σdither values 

are found to be 0.016 and 0.008-UI, respectively. When the high-frequency 

dither jitter is sufficiently filtered by the PLL bandwidth, the contribution of 

the quantization noise (ϕq) dominates over that of the dither jitter (ϕdither). 

Fig. 2.14(a) plots the PSD contributions of the two TDC-related noises and 

Fig. 2.14(b) plots the overall phase noise PSD of the PLL including the DCO 

1/f2 phase noise of -120-dBc/Hz at 10-MHz and input jitter of 6.7-psrms. The 

fabricated prototype PLL was designed with  of 0.0625-UI and σdither of 

0.022-UI and its output phase noise shows unfiltered TDC noises in the range 

of 20~100-MHz. A possible remedy to reduce this TDC-related noise 

contribution is to enhance the phase DAC resolution and lower  to 0.0312-

UI while keeping the same bandwidth of 750-kHz, as demonstrated in Fig. 

2.14(a) and (b). If lowering  and hence narrowing the TDC linear range is 

not desirable, the other possible remedy is to increase the BB-PFD 

oversampling rate, i.e., adding more BB-PFDs in parallel. 

In 2015, I and Dr. Hwan-Seok Yeo revised the TDC to achieve much finer 

resolution (using 128-steps phase interpolator). The simulated TDC transfer is 

plotted in Fig. 2.15. 
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2.4.4. TDC’s Sub-Circuits Implementation 
Fig. 2.16 describes the two key sub-circuit blocks composing the TDC: the 

BB-PFD and phase DAC. Fig. 2.16(a) shows the BB-PFD circuit which is 

basically a linear PFD followed by two cascaded SR-latches [28]. On the other 

hand, Fig. 2.16(b) shows the phase DAC circuit which is a set of two 

multiplexers (MUXs) followed by a digitally controlled phase interpolator (PI). 

Fig. 2.17 illustrates the operation of the PI, the main advantage of which over 

the other published ones is that there is no contention between the two driving 

stages, saving power consumption due to crowbar currents. The basic circuit 

topology is similar to the one in [29], except that two complementary stages 

work in an alternating fashion to interpolate both the rising and falling edges of 

the input clocks. In each stage, two switched current sources each biased at IB1 

and IB2 charge a shared capacitor when the respective input clocks (CK1 and 

 
Figure 2.15: Simulated TDC transfer with finer resolution PI (128-steps). 
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CK2) fall low. It then gives rise to a ramp signal on the node VPI, which toggles 

the output clock (CKPI) when VPI crosses the threshold of a Schmitt-trigger type 

comparator. It can be shown that the interpolation weight (α) between the two 

input phases can be adjusted by controlling IB1 and IB2 as αI0 and (1-α)I0, 

respectively, using a 5-bit thermometer-coded current-steering DAC. The 

implemented phase DAC dissipates only 216-μW when interpolating two 45°-

spaced 143.75-MHz clocks. Fig. 2.17(b) shows that the fabricated phase DAC 

has a DNL and INL both less than 0.5-LSB. 

 

2.5. Digitally-Controlled Oscillator (DCO) 

Uncertainties in the DCO gain can make the precise control of the PLL’s 

bandwidth and damping factor difficult. Sparing margins to accommodate these 

uncertainties may sacrifice the key performance metrics such as phase noise 

and power dissipation.  

Fig. 2.18 shows the schematic of the proposed transformer-based LC-DCO 

that realizes a predictable gain without the aid of an explicit calibration. Fig. 

 
Figure 2.16: Circuit implementations of (a) BB-PFD and (b) Phase-DAC. 
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2.18 also shows the layout structure of the inter-wound transformer used in the 

LC-DCO. The principle of the transformer-based frequency tuning is explained 

in [30]. The effective inductance of the primary inductor L1 is tuned by 

adjusting the current flowing in the secondary inductor L2. The two coupled 

unit LC oscillator cores enforce the necessary quadrature-phase relationship 

between the currents in the primary and secondary inductors, I1 and I2, 

respectively. The oscillation frequency ωosc can be expressed as: 

 

 
Figure 2.17: (a) Waveforms illustrating the operation of the phase interpolator 
and (b) the measured DNL/INL of the proposed PI. 
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where ω0 is the LC tank’s resonant frequency without the secondary inductor, 

Q is the quality factor, and M is the mutual-inductance of the transformer. Eq. 

(2.17) shows that the oscillation frequency varies with the ratio I2/I1, which is 

controlled by a current-steering DAC in Fig. 2.18.  

The current-steering DAC adjusts the two currents I1 and I2 in a 

complementary fashion, realizing a pseudo-exponential digital-to-frequency 

characteristic and a PVT-invariant relative gain of the DCO. When I1 varies as 

I0(1-x) and I2 varies as I0(1+x) where x is a tuning parameter, the ratio I2/I1 varies 

exponentially with x since exp(2x) ≅ (1+x)/(1-x) and so does the oscillation 

frequency according to Eq. (2.17). Therefore, for a unit change in the input code, 

the DCO frequency will change by a constant percentage of the current 

frequency. The LC-DCO was designed to have a 10-bit resolution with a 

constant relative gain of 0.0064%/step over an 8.9~9.5-GHz range. However, 

the measured gain was 0.0047%/step due to the mis-estimation of the 

transformer’s self- and mutual-inductances in presence of the routing wires. 

 
 

(2.17) 

 

 
Figure 2.18: Transformer-tuned, digitally controlled LC oscillator. 
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Unfortunately, as discussed in next subsection, the designed DCO exhibits 

rather high phase noise and power dissipation compared to the state-of-the-art 

LC oscillators reported in literature and multiple reasons can be attributed to 

this. First, a half of the power dissipation is wasted on the second oscillator core 

generating the quadrature-phase clocks required for the transformer-based 

tuning. While this was to generate precise quadrature clocks against PVT 

variation, it does incur more power than the alternative solution of using 

inverter-based 90-degree phase shifters [30]. Second, the frequency tuning was 

done by decreasing the main current I1 while increasing the auxiliary current I2, 

degrading the phase noise as the ratio I2/I1 increases [31]. Furthermore, to 

ensure the proper start-up of the oscillator even with the lowest I1, the overall 

current level had to be increased and energy-storing transistors had to be 

oversized, degrading both the power and phase noise. Lastly, the load resistors 

added in the outer loop to down-shift the voltage levels on the node A and B 

marked in Fig. 2.18 degraded the qualify factor of the LC tank and added 

thermal noise while satisfying the voltage-rating requirement on the transistors. 
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2.6. Measurement Results 

The prototype IC of the described digital PLL was fabricated in a 65-nm 

1P8M LP CMOS technology, and its die photograph is shown in Fig. 2.19. The 

PLL occupies the total active area of 0.374-mm2 and its characteristics are 

summarized in Table 2.2 in comparison with the other peaking-free PLLs 

reported in literature. With a 143.75-MHz reference clock, the digital PLL 

generates a 9.2-GHz output clock while operating at a nominal supply of 1.2V. 

The DCO has a tuning range of 8.9~9.5-GHz and its phase noise is less than -

120dBc/Hz at a 10-MHz offset. The PLL consumes 63.9mW in total and its 

majority, 51mW, is dissipated in the DCO. 

Fig. 2.20 plots the measured jitter transfer function of the proposed digital 

PLL, demonstrating the absence of jitter peaking near the loop bandwidth. Fig. 

2.21 shows the measured phase responses of the feedback clock when the PLL 

 
Figure 2.19: Die photograph of the proposed peaking-free digital PLL. 
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receives a step change in the input clock phase, demonstrating the fast settling 

response of the proposed PLL without an overshoot. Note that the noise on the 

waveforms is due to the dither jitter added to linearize the TDC. The input phase 

step is emulated by applying a step to the feedback clock phase instead, which 

is done simply by periodically stepping up and down the digital input to the 

phase DAC. For the purpose of comparison, the digital filter in the prototype 

PLL can be configured either as a conventional PI filter or as the proposed 

peaking-free filter. Fig. 2.21(a) is the step response of a conventional second-

Table 2.2: Performance summary in comparison with previous peaking-free 
PLLs. 
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order digital PLL with a bandwidth of 700-kHz and a phase margin of 82.5°, 

 
Figure 2.20: Measured jitter transfer of the proposed peaking-free PLL. 

 
Figure 2.21: Measured transient response of the PLL feedback clock phase to a 
0.25 UI step change in the input clock phase: (a) the conventional second-order 
DPLL and (b) the proposed peaking-free DPLL. 
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while Fig. 2.21(b) is the step response of the peaking-free PLL with the same 

bandwidth and phase margin of 80°. As expected, the former exhibits an 

 
Figure 2.22: Measured TDC transfer characteristic with various input jitter con-
ditions and BB-PFD phase spacing ∆ϕ. 

 

 
Figure 2.23: Measured phase noise and integrated jitter of the 9.2 GHz output 
clock. 
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overshoot due to jitter accumulation while the latter does not. Also, the 

measured settling times are 4.23-μs and 1.58-μs, respectively, showing 2.68× 

fast settling for the peaking-free digital PLL.  

Fig. 2.22 plots the measured TDC transfer curve, showing its linear 

characteristic which is insensitive to the input clock jitter condition. The TDC 

transfer curve is measured using a BIST circuit, which adds a fixed number to 

the TDC output (Derr) while the PLL feedback is closed. The resulting static 

phase offset of the PLL then indicates the input phase error for which the TDC 

yields the applied number. With a BB-PFD phase spacing ( ) of 0.063-UI, 

the TDC has an effective linear gain of 35-steps/UI, which is invariant of the 

input clock jitter varying from 5.4 to 24.6-psrms. On the other hand, when  

is changed to 0.017-UI, the TDC gain increases to 110-steps/UI. Since the BB-

PFD phase spacing  is controlled by the phase DAC and is therefore 

constant in units of UIs, the TDC gain which is set mainly by  is also 

 
Figure 2.24: Measured jitter histogram of (a) the 1.15 GHz divide-by-8 output 
clock and (b) the 143.75 MHz feedback clock including the random dither. 
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constant in units of steps/UI regardless of the operating frequency and PVT 

conditions. 

Fig. 2.23 shows the PLL’s measured phase noise and integrated rms jitter of 

the 9.2-GHz output clock. The DCO clock of the PLL has -92.8 dBc/Hz phase 

noise at 1-MHz offset and -114 dBc/Hz phase noise at 10-MHz offset. As 

indicated in Fig. 20, the contribution of the TDC quantization noise is observed 

in the 20~100-MHz frequency range, which agrees with the simulated result in 

Fig. 2.14(b). The integrated rms jitter from 0.1 to 100MHz is 1.2-psrms. The 

results suggest that the lower jitter is achievable by reducing the TDC dither 

jitter and quantization noise with a higher-resolution phase DAC. 

Fig. 2.24(a) and (b) show the measured jitter histograms of the 1.15-GHz 

divided-by-8 output clock and the feedback clock including the added dither, 

respectively. The measured jitter on the divided-by-8 output clock is 3.477 psrms 

and 24 pspp. The jitter histogram in Fig. 2.24(b) shows the seven quantized 

phase positions visited by the random dithering pattern of the third-order 

MASH-type DSM. The pattern takes a discrete Gaussian distribution and the 

spacing between the quantized phases corresponds to the phase DAC resolution 

(~140-ps). Even in the case with a large input jitter of 24.6-psrms, the overall 

jitter distribution is still dominated by the dither jitter, keeping the effective 

TDC gain constant. However, as discussed in Section IV, the applied BB-PFD 

phase spacing  was found somewhat large, degrading the PLL’s overall 

phase noise. Therefore, the phase noise can be improved by using a lower  

with a finer-resolution phase DAC. 

Fig. 2.25 shows a phase noise measurement results in [32], the PLL of which 
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employed the revised high-resolution DSM-dither TDC. As been expected, 

both of the in-band noise (quantization noise due to PI resolution) and out-band 

noise (dither noise due to PI resolution) are drastically suppressed. 

 

 

 

 

 

 

 

 

 

 

 

 
Figure 2.25: Newly measured phase noise and integrated jitter another DPLL us-
ing high-resolution DSM-dither TDC. 



 

44 

 

Chapter 3.  

 

Digital Clock and Data Recovery 

(DCDR) with SSC Tracking Aid 
 

This chapter presents design of digital CDR using a novel spread-spectrum 

clock (SSC) tracking module. The reason why additional SSC tracking aid is 

needed to DCDR is that the SSC waveform is highly nonlinear and increasingly 

deeper. In order for DCDR to track severe frequency ramp changes, the 

preemptive compensation of timing errors by extracting accurate SSC deflec-

tion points. Therefore, this chapter focuses on how to extract such an accurate 

time instants in digital domain. Then, the analysis on its frequency response is 

presented to verify both of SSC tracking aid’s accuracy and noise-resilience. 

Lastly, overall CDR architecture is introduced, and time-accurate behavioral 

simulation results will be shown. 
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3.1. Background 

3.1.1. Challenges in Tracking Deep Spread-
Spectrum Clocking (SSC) Modulation 

Spread-spectrum clocking (SSC) is a widely-adopted method to suppress 

electro-magnetic interference (EMI) by gradually varying the clock frequency 

over time within a given range [33]. SSC profiles are typically triangular 

waveforms with certain modulation frequencies and depths (Fig. 3.1(a)), which 

thereby spread the spectral power of the clock over the range of the profile’s 

modulation depth (Fig. 3.1(b)). Although SSC helps to mitigate power emitted 

at the frequency of the transmitted data, SSC also imposes a burden on the 

receiver side, which must maintain a low timing error to recover the clock and 

data correctly in the presence of periodic SSC frequency variation. To reduce 

EMI emission further, many SSC generators (SSCG) [34]-[39] increased the 

SSC modulation depth to beyond 5,000 ppm with typical modulation 

frequencies of approximately 30-33 kHz. Such a deep modulation further 

hinders the receiver’s ability to track the fast-changing clock and data timings 

when it must rely solely on feedback control to monitor and correct the timing 

errors. 

To address aforementioned issue, auxiliary SSC tracking aid to assist CDR 

that enables it to maintain sufficient timing margin recovering SSC-modulated 

data. However, the main challenge for developing the SSC tracking aid exists 

and lies in recovering the time when the frequency slope changes (i.e., the 

deflection points of the SSC profile) as the CDR tracks the extended SSC-
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modulated data. One technique to address the constant drift in frequency and 

the deflection points was recently established in [40]-[42]. To adjust the drift in 

frequency, the SSC tracking aids designed for phase-interpolating DLL [43] 

replace the first-order digital loop filter (DLF) to a third-order DLF. Using the 

third-order DLF entails an additional scheme to extract the polarity of the 

current frequency slope from the SSC and send the information to the DLF, 

which enables the CDR to track negative- and positive-ramping of SSC-

modulated data selectively. However, if a timing discrepancy exists between 

the extracted- and real- deflection points of the SSC (defined as “SSC timing 

discrepancy” in this dissertation), the CDR cannot maintain a wide timing 

margin because the DLF fails to track the frequency change while the SSC 

tracking aid provides guidance based on an incorrect frequency ramp polarity. 

With the existing techniques presented in [40] and [41], the SSC timing 

discrepancy can be largely attributed to the noise filtering process that is 

required to compensate for these methods’ inherent vulnerability to noise. One 

method detects changes in polarity by observing the incremental change in the 

 
Figure 3.1: Triangular SSC modulation: (a) time trend and (b) spectral power. 
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digitized SSC frequency [40]. The other method uses the midpoint between the 

times when the digitized SSC frequency rises above and falls below the preset 

mean value [41]. In both methods, noise that may be present in the system can 

trigger false extraction of polarity changes. Any filtering and hysteresis 

required to suppress the noise can induce latency or uncertainty, resulting in the 

SSC timing discrepancy. 

 

3.1.2. System Requirements for SSC tracking 
In order for type-II CDRs to track data timing with deep SSC modulations, 

one should minimize the adverse effects due to their fast frequency ramp rates. 

Two of the most commonly-used digital CDRs (DCDRs) for tracking SSC-

modulated data have (a) phase interpolator (PI)-based and (b) PLL-based 

architectures, both of which employ a proportional-integral loop filter. For both 

types of CDRs, the input data with a non-zero frequency ramp rate due to the 

SSC modulation causes a phase offset [41], [42]. Before deriving the phase 

offset, the steady-state error in control system should be reviewed. 

Steady-state error can be calculated from a system’s closed-loop transfer 

function. Consider Fig. 3.2. E(s), the error between the input, R(s) and the 

output, C(s) can be expressed as [44]: 

 
Figure 3.2: Closed-loop control system (i.e., CDR) error. 
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Even if Eq. (3.1) can be utilized to solve e(t) at any time, t, we are utterly 

interested in the final value of the error e(∞). To do this without taking the 

inverse Laplace transform of E(s), Final value theorem should be applied. 

The Final value theorem can be derived as below [44]: 

 

e(∞) can be obtained by applying Eq. (3.2) to Eq. (3.1), then 

 

Finally, using Eq. (3.3) in [44] to find phase offset when receiving SSC 

modulated data, the maximum phase offset φoffset can be expressed as: 

           
where Ts is the sampling period of the loop filter; KI is the integral gain of the 

loop filter; and K is KPD·KDCO·TD (or for PI-based CDRs, KPD·KDAC·TD), 

where KPD, KDCO, and KDAC are the linearized phase detector (PD), digitally-

controlled oscillator (DCO), and phase digital-to-analog converter (DAC) 

gains, and TD is the data transition density, respectively. Eq. (3.4) shows that 
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the deeper SSC modulations will lead to the increased phase offsets due to the 

larger frequency ramp rates (A). Fig. 3.3-① illustrates this degradation of the 

timing margin due to the increased frequency ramp rate magnitudes of a deep 

SSC. 

To lessen the phase offset in Eq. (3.4), the CDR loop bandwidth can be 

enhanced by increasing the loop gains (KI, K), but this remedy has limitations. 

As shown in Fig. 3.3-②, even though the phase offset is reduced 

(φoffset,1>φoffset,2), the jitter becomes excessively larger (σ1<σ2) as the CDR 

bandwidth is increased and thus filters less noise in the system. In fact, the 

optimal bandwidth should be carefully determined to strike a balance between 

the input modulation tracking and noise filtering abilities of the CDR, as 

directed in [45]. 

An alternative solution would be to raise the order of the CDR from two to 

 
Figure 3.3: Different CDR timing errors that occur when tracking an SSC profile. 
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three to remove the phase offset when the CDR is tracking a frequency ramp 

input, as inferred by [44]. However, as shown in Fig. 3.3-③, the third-order 

CDR may make the timing margin even worse as it can exhibit large overshoots 

near the SSC deflection points. It is because the accumulator in the frequency 

ramp rate path must be readjusted to a new value when the SSC frequency ramp 

changes its polarity. 

One method of suppressing such timing errors due to overshoots is to use a 

modified DLF with an SSC tracking aid [40], [41] that detects the SSC 

frequency ramp polarity, so that the accumulator can switch to a new value 

instantaneously when the event occurs. As shown in Fig. 3.4(a), such an SSC 

tracking aid observes the digitized SSC profile reconstructed in the integral path 

and produces one-bit recovered polarity (RP) pulses, the transitions of which 

match the SSC deflection points. The multiplexer (MUX) then instantly 

switches the sign of the accumulator’s output in the frequency ramp rate path 

when so directed by the RP pulse. Thus, the DCDR can seamlessly track the 

SSC profile and eliminate static phase offset as if it is tracking a monotonically 

increasing frequency, as illustrated in Fig. 3.4(b). 

However, designing an SSC tracking aid that can accurately extract the 

 
Figure 3.4: (a) Third-order PLL-based DCDR with SSC tracking aid to adopt 
SSC-modulated data and (b) SSC tracking behavior of (a). 
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timing of the SSC deflection points under the influence of noise or disturbance 

is a challenge. Here, I present an SSC tracking aid for the DCDR that achieves 

noise immunity as well as accuracy. The following subsections introduce SSC 

tracking aids that were previously developed, followed by the algorithm of the 

proposed tracking aid. 

 

3.1.3. Previously-Reported SSC Tracking Aid 
A few algorithms to recover the SSC deflection points have been reported in 

the literature [40], [41]. The first two SSC tracking aids shown in Fig. 3.5(a) 

and (b) recover the RP pulse by observing the digitalized value Dint of the 

 
Figure 3.5: Previously published SSC tracking aids: (a) detecting incremental 
change [40], (b) comparing with frequency mean [41], and (c) observing ramp rate 
path [42]. 
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integral control path output. The one in Fig. 3.5(a) recovers the RP pulse from 

the polarity of the incremental change in Dint (i.e., the difference between the 

current sample Dint and the previous sample Dint_pre), and the one in Fig. 3.5(b) 

compares Dint to a preset mean value (Dmid) and shifts the resulting pulse by 90° 

to recover the RP pulse, the edges of which coincide with the SSC deflection 

points. 

However, both of these schemes are susceptible to the noise or disturbance 

on the digitized frequency value Dint, and any remedy to reduce the impact of 

such noise may increase the SSC timing discrepancies. Note that in practice, 

Dint may possess not only the random noise but also quantization noise and 

distortion resulting from sigma-delta modulation [34],[35],[39],[46] or phase 

rotation [47]. For the scheme in Fig. 3.5(a), computing the incremental change 

of Dint and detecting its polarity is sensitive to noise. For the one in Fig. 3.5(b), 

finding the crossing points between Dint and Dmid is sensitive to noise. While 

possible remedies may include lowering the sampling rate [40], or adopting an 

additional PLL or low-pass filter with hysteresis [40] and [41], they are likely 

to cause additional latency and shift in the RP pulse timing, albeit the increased 

hardware costs. For instance, the SSC tracking aid in Fig. 3.5(a) has a timing 

discrepancy up to 410 ns (i.e., 1.37% of the 30-μs SSC period) due to its slow 

sampling rate. 

On the other hand, the SSC tracking aid shown in Fig. 3.5(c) observes the 

ramp rate path output (Dramp) instead of the integral path output (Dint) available 

in a third-order DPLL to recover the RP pulse [42]. That is, the tracking aid 

toggles the RP pulse when the difference between the two Dramp samples spaced 
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by an interval W becomes larger than a prescribed magnitude M. The scheme 

is based on the fact that Dramp tracks the ramp rate of the SSC modulation profile, 

which alternates between two opposite-sign values in case of the triangular SSC 

modulation. The sampling interval W is considering the finite tracking 

bandwidth of Dramp. 

Nonetheless, this tracking aid also exhibits overshoots in the timing error 

near the SSC deflection points and its resulting timing error can be up to 0.2 

UIpp when tracking a 10,000-ppm SSC profile [42]. The inherent delay 

introduced by observing Dramp samples spaced by W causes the SSC timing 

discrepancy and hence the CDR timing error. 

 

3.2. Integration-Based Mean-Tracking 
(IBMT) SSC Tracking Aid 

In this section, the new type of SSC tracking aid based on the frequency 

response of an integration-based mean-tracking (IBMT) loop [12] will be 

demonstrated. The following subsection will introduce its conceptual 

description. Next, the implementation of the IBMT and analysis on its loop 

dynamics will be elaborated. 

 

3.2.1. Conceptual Explanation of IBMT Loop 
The proposed SSC tracking aid, IBMT loop, performs two major operations 

to recover the SSC deflection points: 1) integrating the difference between the 

digitized SSC profile (Dint) and its mean value and 2) continuously tracking the 
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mean value of the SSC to maintain its ideal position. First, as illustrated in Fig. 

3.6(a), the SSC tracking aid integrates the difference between the digitized SSC 

profile (Dint) and its mean (Dmean) in the digital domain over time. The resulting 

integral value (Dacc) follows the waveform of two alternating parabolic 

functions centered at 0, the polarity of which coincides with that of the SSC 

frequency ramp. Hence, the recovery of SSC deflection points (RP pulse) can 

be achieved by extracting the sign bit of the Dacc waveform. 

A prerequisite for this integration-based tracking aid is an accurate Dmean: if 

Dmean is not equal to the ideal mean of the SSC profile, Dacc may deviate far 

away from 0 due to the accumulation of residual errors, as shown in Fig. 3.6(b). 

In other words, Dacc can maintain the steady-state waveform previously 

 
Figure 3.6: Proposed noise-resilient SSC tracking aid: (a) integration-based po-
larity recovery and (b) feedback for mean-tracking. 
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described in Fig. 3.6(a) only when Dmean is equal to the ideal mean. 

Exploiting this fact, the proposed tracking aid employs an IBMT loop to 

maintain an accurate Dmean via feedback. As shown in Fig. 3.6(b), the IBMT 

loop is a second-order feedback loop that strives to keep Dacc close to zero. The 

loop dynamics of this IBMT loop is analyzed in next subsection. 

The proposed SSC tracking aid has several advantages compared to the 

previous aids. First, it can recover the SSC deflection points with the lower 

sensitivity to noise. It is because the RP polarity decision is made based on the 

integral value of Dint – Dmean and also when the value has the steepest slope. 

Second, the proposed tracking aid can recover the SSC deflection points more 

accurately, as it does not require additional noise filtering that may add latency 

in the recovered RP pulse. Also, it does not require any additional 90° phase 

adjustment as in [41] since the integrator provides an intrinsic 90° phase shift. 

Third, the proposed tracking aid does not need any prior information or preset 

values regarding the SSC modulation period or depth as its IBMT loop can 

continuously adjust Dmean to the SSC’s mean. 

 

3.2.2. Dynamics of IBMT Loop 
In this subsection, I first present the detailed implementation of the proposed 

SSC tracking aid, IBMT loop. The proposed SSC tracking aid shown in Fig. 

3.6 is modeled as a z-domain discrete-time system as shown in Fig. 3.7. To 

implement the SSC polarity recovery described in Fig. 3.6(a), the instantaneous 

difference (Derr) between the digitized SSC profile (Dint) and mean level (Dmean) 

is integrated by an accumulator as shown in Fig. 3.7 (dashed rectangle labeled  
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“integration”). The sign of the accumulated frequency error (Dacc), which is 

used as the RP of the SSC frequency ramp, is then determined from the sign bit 

of Dacc, as shown in Fig. 3.6(a). The mean-tracking part in Fig. 3.6(b) is 

implemented as a proportional-integral controlled feedback loop shown in Fig. 

3.7, which produces Dmean to regulate the integral of Dint-Dmean (=Dacc) to zero. 

 
Figure 3.7: z-domain model of the IBMT loop. 

 

 
Figure 3.8: Two different transfer functions: H(s) for mean tracking and T(s) for 
SSC polarity recovery. 
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This mean-tracking feedback loop keeps Dacc from diverging and once the 

trajectory of Dacc becomes centered around zero, Dmean settles to the mean value 

of Dint. At start-up, Dmean is initialized to a half-way point between the minimum 

and maximum values of Dint observed over a predefined period by initializing 

the integral control value (Dt,int). Note that the loop filter of the IBMT loop 

requires a proportional control path (Dt,prop) as well as an integral control path 

(Dt,int). The integral control path is used for keeping zero static offsets and the 

proportional control path is for stabilizing the feedback loop. Hence, the loop 

dynamics of the IBMT loop is very similar to that of a PLL. 

In Fig. 3.7, the z-domain open-loop transfer function G(z) from Derr to Dmean 

is 

 
where the control gains for the two terms are denoted as KTP (proportional gain) 

and KTI (integral gain), respectively. For the sake of simplicity, this z-domain 

discrete-time transfer function can be converted to an s-domain continuous-

time model by approximating z-1 as exp(-sTs) ≈ 1-sTs, provided that the 

frequency of interest is much lower than the loop’s Nyquist frequency (i.e., in 

this study, 1/2 of the DLF update frequency). Using this approximation, the 

equivalent s-domain transfer function G(s) is 

 
where fs is the sampling frequency of the DLF. 

As illustrated in Fig. 3.8, we are interested in two s-domain transfer functions 
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for this IBMT loop: one for the mean-tracking path and the other for the polarity 

recovery path. The mean-tracking path, where Dmean tracks the mean of Dint, can 

be expressed as a closed-loop transfer function H(s), given by 

 
The dynamics of Eq. (3.4) exhibit a low-pass characteristic analogous to a 

second-order digital PLL, which provides insight into the appropriate loop 

parameters. 

On the other hand, the transfer function of the polarity recovery path from 

Dint to Dacc is 

 
which shows a band-pass characteristic. Fig. 3.9 shows the Bode plot of an ideal 

integrator and of T(s) in Eq. (3.5). Unlike an ideal integrator, T(s) attenuates the 

DC component of Dint and keeps Dacc near zero so that the Dacc’s polarity can 
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Figure 3.9: Bode plot of ideal integrator and of T(s) in (3.5) with ωn ≈ 126 and ζ ≈ 
0.707. 
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indicate the SSC polarity. Both the transfer functions H(s) and T(s) are 

governed by the loop parameters KTP and KTI, the values of which are set 

digitally. The natural frequency (ωn) and damping factor (ζ) of H(s) and T(s) 

can be expressed as follows: 

 

The design parameters in Eq. (3.6) should be chosen to meet the following 

requirements: 1) the natural frequency, hence the loop bandwidth (ωn), should 

be set sufficiently low compared to the SSC modulation frequency 

(approximately 30–33 kHz) to keep Dmean at the static mean level of Dint; and 2) 

the damping factor (ζ) should be set close to 1 for stable, well-overdamped 

response of the feedback loop. 

Note that these design parameters can also influence the SSC timing 

discrepancy and noise sensitivity of the SSC tracking aid, which will be 

discussed further in the following subsections 

 

3.2.3. Analysis of SSC Timing Discrepancy 
This subsection addresses the accuracy of the proposed SSC tracking aid in 

recovering the SSC deflection points, namely the SSC timing discrepancy. This 

subsection addresses the accuracy of the proposed SSC tracking aid in 

recovering the SSC deflection points, namely the SSC timing discrepancy. Here, 

I assume a triangular SSC modulation. With an IBMT bandwidth close to zero, 
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the mean-tracking path depicted in Fig. 3.8 would produce a nearly-constant 

Dmean and Dacc, the integral of Dint – Dmean, follows the alternating parabolic 

functions, where its zero-crossing points coincide with the SSC deflection 

points, as shown in Fig. 3.10. However, since the bandwidth cannot be too low 

in practice, the SSC timing discrepancies may arise between the SSC deflection 

points and the RP pulse transitions of the IBMT loop. This so called SSC timing 

discrepancy (εssc) is the most salient factor influencing the peak-to-peak timing 

margin of the overall CDR. This paper analyzes εssc regorously and 

quantitatively, in contrast to the previous reports in [40]-[42]. 

To derive εssc for a given SSC profile, it is necessary to analyze the phase 

response of the polarity recovery path, T(s). The frequency response of the 

polarity recovery path, T(jω) is expressed as 

 
where ωn and ζ are defined in Eq. (3.6). The phase response of Eq. (3.7) can 

 
, 

2 2( ) ,
( ) (2 )s

n n

jT j f
j

ωω
ω ω ζω ω

= ⋅
− +  

(3.7) 

 

 
Figure 3.10: Triangular SSC profile and corresponding output profile of IBMT 
when assuming ωn ≈ 0. 
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be represented as 

with 

 
For the case of ω ≫ ωn, the phase of the sinusoidal input is shifted by 

almost 90° as illustrated in Fig. 3.11. The fact that integration shifts the input 

phase by 90°, as shown in Fig. 3.9 and Fig. 3.10, is virtually based on the 90° 

phase shift induced by the IBMT loop’s frequency response, as in Eq. (3.8). 

The additional phase shift θ(ω) in Eq. (3.8) and (3.9) is unintended, causing 

SSC timing discrepancy. 
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Figure 3.11: Calculated phase-shift due to frequency response of the polarity re-
covery path T(s). 
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Figure 3.12: Phase shift plot of the incom

ing SSC
 profile: decom

posed by Fourier series com
ponents passing through T(jω

) 
individually. 
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Since the triangular profile of Fig. 3.10 cannot be directly applied to this 

phase-domain response, I expand the SSC modulation profile to a Fourier series 

as follows: 

 
where Ctri and ωssc refer to the Fourier coefficient, 8/π2, and the angular 

frequency of the SSC modulation, respectively. Here, the DC component x0 is 

filtered out as |T(j0)| = 0, and the fundamental and harmonic components 

separately pass through the IBMT and are superposed, as described in Fig. 3.12. 

A general form of the transformed sinusoidal components is 

 

where, 

 
Finally, the output of the polarity recovery path is as follows: 
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The roots of the equation, y(t) = 0, signify the changing instants of the RP 

pulse, and hence εssc can be obtained by comparing those roots with the SSC 

deflection points. Because y(t) is expressed as a sum of sinusoidal basis 

functions with different group delays (IBMT is not linear-phase system), 

finding the exact solutions is difficult. To simplify the process, appropriate 

approximation methods can be exploited when the SSC tracking bandwidth (ωn) 

is set to be much smaller than its modulation frequency (ωssc). 

For sufficiently small k ≡ ωn/ωssc, Eq. (3.12) can be approximated as 

 

Under k (= ωn/ωssc) ≪ 1, the band-pass characteristic of T(s) in Eq. (3.5) 

results in 

 
Because the magnitude response of T(jω) has a roll-off of -20 dB/decade 

beyond the passband frequency, the approximated attenuation in Eq. (3.15) 
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should be taken into account. Considering Eq. (3.14) and (3.15), (3.13) can be 

converted as 

 
Moreover, because the parameter ϕ is small enough, a multivariate Taylor 

series expansion is available for Eq. (3.16) in the form of 

 
where 

 
Assuming |ωssct| < π/2 for simplicity, y0 and y1 by examples can be expressed 

as follows: 

 
Those y0, y1, … are parabolic, cubic, and so on. The parabola y = y0(t) exactly 

matches our inference from Fig. 3.10. The solution of the ideal problem y0(t) = 
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0 is t0 = π/(2ωssc), which corresponds to the ideal SSC deflection point. To 

estimate the slight timing deviation from t0, perturbation theory [48] is utilized 

with sufficiently small ϕ. In this regard, the solution is written as 

 

and is substituted into the equation y0(t) + y1(t)ϕ + ∙∙∙ = 0 to determine the 

coefficients of the powers of ϕ. By truncating the terms higher than second-

order, the approximate solution is expressed as 

 

where  

 

Hence, the SSC timing discrepancy (εssc) can be approximated as: 

 
It can then be rewrite as: 

 

Thus, the SSC timing discrepancy is determined as a function of ϕ, the phase 

shift under the fundamental frequency, for given ωssc. When the result of Eq. 

(3.24) is set smaller than the update period of the IBMT loop, the resultant SSC 

timing discrepancy can be kept less than one clock cycle. 

Fig. 3.13 shows the simulated transient behaviors and SSC polarity recovery 
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of the SSC tracking aid with the parameter values at ωn ≈ 126 and ζ ≈ 0.707 

same as in Fig. 3.9. As the mean tracking gradually proceeds, Dmean locks at the 

center of Dint, making Dacc oscillate centered at 0, and then the RP pulse starts 

to toggle. The approximate SSC timing discrepancy after settling can be 

calculated by Eq. (3.24) for the given parameters, with a result of 4.125 ns, 

approximately 0.01% of the SSC period. The DLF update period (i.e., the 

CKDLF period) is 5.333 ns in my design. Therefore, as demonstrated in Fig. 3.13, 

the SSC timing discrepancy in the digital domain can be perfectly eliminated 

 
Figure 3.13: Simulated acquisition behavior of the proposed SSC tracking aid and 
SSC timing discrepancy (εssc). 
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as long as the result of Eq. (3.24) is less than one CKDLF cycle. 

 It is important to note that the presented analysis expresses the SSC timing 

discrepancy as a function of the ratio between the loop bandwidth and the SSC 

modulation frequency. The designer can achieve sufficiently accurate SSC 

timing recovery by properly choosing the two digitally-set parameters of the 

IBMT loop (KTP, KTI). The analysis also shows that the IBMT loop can recover 

the SSC deflection points from any SSC modulation profiles as long as they are 

periodic and symmetric, including the Hershey-Kiss (Lexmark) profile [49], 

[50]. The analysis and simulation result extended to the Hershey-Kiss profile 

case are listed in next subsection. 

 

3.2.4. Hershey-Kiss (Lexmark) Case 
The Lexmark modulation (i.e., Hershey-Kiss modulation) profile in [49] can 

be defined as the following periodic function: 

 

Then, Eq. (3.25) can be translated by Fourier series as follows: 
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where l and m are the coefficients in Eq. (3.26). With ω = ωssc, Eq. (3.27) can 

be expressed as two separate terms according to its coefficient: 

 
Therefore, as derived in subsection 3.2.3, the SSC timing discrepancy in the 

Lexmark modulation case should also be dominated by the phase shift of its 

fundamental component. Fig. 3.14 plots the polarity recovery of the proposed 

SSC tracking aid when adopting Lexmark modulation data. For the loop 

parameters given in section 3.3, the proposed SSC tracking aid generates RP 

pulses with transitions that match the deflection points of the Lexmark 
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Figure 3.14: Simulated SSC polarity recovery of the IBMT loop when CDR adopt-
ing Lexmark-modulated data. 
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modulation profile. 

 

3.2.5. Trade-off between Accuracy and Settling 
Time 

An extremely low bandwidth of the SSC tracking aid may achieve an 

accurate recovery of the SSC deflection timing but cause slow settling times, 

as shown by the example in Fig. 3.13. As with the general second-order system, 

the settling time of Eq. (3.4) and (3.5) can be estimated as [44]: 

 
By substituting ζωn with the terms in Eq. (3.6), the settling time is found to 

be inversely related to KTP, the proportional path gain of the IBMT. On the other 

hand, the SSC timing discrepancy εssc from Eq. (3.24) diminishes as ζωn 

decreases. Applying Eq. (3.29) to (3.24) yields 

 
For given fs and ωssc, Eq. (3.29) and (3.30) imply a trade-off between the 

 
1 2 1 ,   when 0 1.s

n s TP
t

f K
ζ

ζω
∝ = ⋅ < <

 
(3.29) 

 

 
2

2 .
12

s
ssc TP

ssc

f
Kπε

ω
≈ ⋅ ⋅

 
(3.30) 

 

Table 3.1: Calculated and simulated performance indicator. 
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accuracy and settling time, both of which vary with the value of KTP. The 

simulation results presented in Table I suggest that in a critically damped 

system, a settling time below 20ms can be achieved with KTP over 2-19. In this 

study, KTP = 2-18 and KTI = 2-37 were selected to limit the CDR calibration period 

to within 15ms. 

 

3.2.6. Noise Resilience of IBMT Loop 
The noise immunity of the proposed SSC tracking aid is attributed to the 

polarity recovery path of the IBMT loop with a band-pass filter (BPF) 

characteristic (T(s) in Eq. (3.5)) having a low-frequency pass-band region. The 

BPF can be viewed as a low-pass filter (LPF), the roll-off frequency of which 

is located near DC and the roll-off slope of which is -20 dB/decade, suppressing 

the noise with a frequency beyond the fundamental frequency of the SSC 

profile. 

Fig. 3.15 shows the digitized triangular SSC profile example contaminated 

by additive white Gaussian noise (AWGN), and its frequency spectrum after 

 
Figure 3.15: (a) SSC profile with AWGN and (b) its frequency spectrum. 
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applying a discrete-time Fourier transform (DFT). As seen in Fig. 3.15(b), the 

AWGN-contaminated triangular SSC profile can be decomposed into a 

fundamental and harmonics of the SSC profile and a flat noise floor. The 

AWGN is assumed to encompass possible noise sources of Dint, such as DLF 

quantization/truncation noise, random noise/ISI of input data, SSCG 

distortion/quantization noise, and internal DCO noise. The ratio between the 

power of the SSC profile and that of the noise components is defined as the 

SNDR.  

Fig. 3.16 shows the power spectrum after all the components in Fig. 3.15(b) 

have passed through |T(s)| as a function of SNDR. As the noise floor due to the 

AWGN increases, the harmonic components of the SSC profile gradually 

vanish, which can affect the previously elicited SSC timing discrepancy (εssc) 

in Eq. (3.24). 

 
Figure 3.16: Output spectrum for SSC profile with AWGN filtered by T(s) vary-
ing with SNDR. 
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The degradation of the SSC timing discrepancy (εssc) according to the amount 

of AWGN can be quantified. Because the IBMT loop is a linear time-invariant 

system (LTI) and the AWGN is a wide-sense stationary (WSS) process, the 

output noise filtered by T(s) is also WSS and can be directly superposed to 

compute the output signal, Dacc [51]. By using Parseval’s theorem [51], the total 

power of the noise components filtered by T(s) is 

 

where σn and fs are the standard deviation of the input AWGN and the sampling 

frequency, respectively. As shown in Fig. 3.17, in the vicinity of y(t) ≈ y0(t) = 

0, the filtered noise power can be converted to timing noise as follows:  

 
where A and y0(t) are the magnitude of the SSC profile and the parabola in Fig. 

3.10, respectively, while assuming a very low ωn.  

Fig. 3.18 shows the simulated PSDs of the noise components of Dint and Dacc, 
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Figure 3.17: Phase shift of Dacc due to additional amplitude noise filtered by T(s). 
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each of which is normalized by the corresponding signal power. When the 

SNDR of Dint is 10dB, the SNDR of Dacc is improved to 16.63dB as a result of 

the integration of the high-frequency noise beyond fssc.  

 
Figure 3.18: Simulated PSDs of noise components when SNDR of Dint is 10dB 

 
Figure 3.19: Simulated results of different approaches to SSC timing discrepancy 
(εssc) varying with SNDR. 
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Fig. 3.19 compares the noise sensitivities between the IBMT and the SSC 

tracking aids in [40] and [41] by plotting the simulated standard deviations of 

their peak-to-peak εssc’s over 5,000 SSC modulation periods with different 

SNDR conditions. While spurious zero-crossings caused by noise can increase 

the SSC timing discrepancy, it is shown that the IBMT has the least sensitivity. 

In the case of IBMT, εssc is mainly determined by Eq. (3.24) as long as the noise 

floor does not overwhelm the harmonics (for example, SNDR > 50 dB in Fig. 

16); however, εssc becomes governed by Eq. (3.32) as SNDR decreases (< 30 

dB). Because T(s) of IBMT filters the high-frequency noise components, εssc is 

less than only 1.5% and 4% of the SSC period, without generating glitches, 

even when the SNDR is 20 dB and 10 dB, respectively. In contrast, the tracking 

aids detecting the incremental change [40] and comparing with the mean [41] 

show substantial εssc of 40% and 15%, respectively, when the SNDR is 10 dB. 

 

3.2.7. Additional Simulation Results for IBMT 
When noise is present in Dint (e.g. additive white Gaussian noise of 

SNR=10dB), Fig. 3.20 shows that Dmean may not exactly coincide with Dmid 

(ideal mean assuming noise-less SSC). However, the waveforms of Dacc,ideal, the 

time-integral of Dint-Dmid and Dacc,IBMT, the time-integral of Dint-Dmean, in Fig. 

3.20 illustrate that the IBMT should produce Dmean, not Dmid to center Dacc 

around zero (i.e., keep it from diverging) and enable the correct operation. 

In order to demonstrate the tracking behavior of Dmean directly, I also 

simulated Dmean when there is a sudden change in the mean of SSC. Dmean 

converge well to the changed value of Dmid as shown in Fig. 3.21. 
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Figure 3.20: Simulated waveforms (frequency component, mean values, and inte-
grals) when assuming a noisy environment (SNR = 10dB). 

 

 
Figure 3.21: Simulated Dmean when SSC waveform is shifted. 
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Figure 3.22: B
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 architecture. 
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3.3. DCDR with IBMT loop 

Fig. 3.22 describes the overall architecture of a third-order half-rate DCDR 

employing the proposed SSC tracking aid. The input to the DCDR (Datain) is a 

6-Gb/s, 8b/10b encoded pseudo-random binary sequence (PRBS) data stream 

modulated by an SSCG with a modulation frequency and depth of 30 kHz and 

50,000 (±25,000) ppm, respectively. On the receiver side, the input front-end 

is composed of a continuous-time linear equalizer (CTLE) followed by a set of 

slicers for the half-rate 2×-oversampling bang-bang phase detection (BBPD), a 

frequency detector (FD), and a 1-to-16 deserializer. The outputs of the slicers 

are quantized by an up/dn decision block and deserialized by a factor of two. 

The digitized phase error is determined by both the tallied up/dn and transition 

counts. The DLF, including the proposed SSC tracking aid, updates the 

frequency control word (FCW) every divided-by-16 clock, and the DCO 

generates a 4-phase recovered clock (CKrcv), the center frequency of which is 

set to 3 GHz. In the DLF, the IBMT extracts the polarity of the SSC frequency 

ramp from Dint and recovers the RP pulse that is used to control the sign of Dramp. 

Before the IBMT loop converges to its final state as shown in Fig. 3.13, the 

DCDR works as a second-order system. Once the IBMT completes the mean-

tracking for Dint, it activates the ramp rate path by toggling an acknowledge 

signal (SSC_lock) to assist phase tracking of the data as a third-order system. 

The values of the design parameters of the designed SSC-tracking DCDR are 

listed in Table 3.2; the effective gain of the binary PD is derived by the 

statistical analysis described in [52] and [53]. 
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The overall CDR architecture is based on a PLL-based CDR, which is 

capable of deep-modulation SSC tracking [54]. With the PI-based design, the 

quantization error, nonlinearity, and latency of the phase-domain DAC may 

cause a large phase error with a deep modulation depth, resulting in a burden 

for high-performance PI-based designs. Note that when using the PI-based 

design, uncorrelated SSC modulations on both the TX- and RX- side clocks 

may need to be considered and the IBMT loop may not be applied directly. In 

this dissertation, it is assumed that there is an SSC modulation solely on the 

Table 3.2: SSC tracking CDR loop parameters. 
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TX-side. 

 

3.4. Simulation Results 

In this study, to achieve a time-accurate behavioral simulation, all analog 

blocks in Fig. 3.22 such as CTLE, samplers, PD, and DCO, are modeled in 

System Verilog based on the methodology described in [55] and [56]. In 

conjunction with the model-first approach in our previous work [57], a fast and 

accurate event-driven simulation for top-level mixed-signal system can be 

achieved, addressing problems stemming from the complex interactions 

between analog and digital domains. 

In order to evaluate the improvement of the third-order DCDR using the 

proposed SSC tracking aid in comparison with a widely-used PLL-based 

second-order DCDR, the identical jitter transfer (JTRAN) characteristics 

 
Figure 3.23: Simulated jitter transfer characteristics: (a) second-order DCDR and 
(b) third-order DCDR with IBMT. 
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should be set for the two cases. The proposed DCDR can be reduced to a 

second-order PLL-based DCDR by deactivating the ramp rate path and IBMT 

in Fig. 3.22. Both the 3-dB bandwidth and jitter peaking of the third-order 

DCDR are very similar to those of the second-order counterpart, as indicated in 

Fig. 3.23, where the values are 8 MHz and 2 dB, respectively. In terms of the 

loop dynamics of the CDR, the additional pole introduced by the ramp rate path 

(Kr = 2-10) in the third-order case is located far beyond the 3-dB bandwidth, 

causing negligible changes in both the loop bandwidth and jitter peaking. 
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Fig. 3.24 shows the transient simulation results of the proposed SSC tracking 

DCDR. When the DCDR starts to receive a preamble sequence and subsequent 

SSC-modulated bit stream, the SSC tracking aid also tries to track the SSC 

profile recovered in Dint of the DLF. The Dint in Fig. 3.24 starts from an initial 

value corresponding to the 3-GHz DCO clock frequency due to the initial FCW 

calibration performed by the FD. After IBMT settles at the mean of Dint in Fig. 

3.24, the SSC timing discrepancy (εssc) appears to be eliminated, even if Dint is 

not an ideal triangular profile as shown in Fig. 3.13 and is contaminated by 

various noise sources. The DCDR operates in second-order mode during the 

IBMT’s 10-ms SSC acquisition period. Not until the SSC tracking aid is 

stabilized does SSC_lock trigger the third-order path, which is added to or 

subtracted from Dint by the RP pulse. As expected, the timing error between the 

edge-sampling recovered clock and TX data is suppressed well with the third-

order loop that includes the proposed SSC tracking aid, whereas the second-

order loop suffers from the large static phase offset. The precise SSC timing 

recovery of the proposed SSC tracking aid successfully suppresses 

overshooting near the SSC deflection points. 

Fig. 3.25 shows the histogram and fitted normal distribution of the simulated 

10-million-points timing error for a CDR receiving 30-kHz, 50,000-ppm SSC-

modulated data. For comparison, the DLF can be configured as a proportional-

integral filter or as a third-order filter using IBMT by toggling SSC_lock as 

mentioned above. A second-order DCDR without the SSC tracking aid has a 

timing error of 0.0624 UIrms/0.5356 UIpp, as indicated in Fig. 3.25(a). In contrast, 

as shown in Fig. 3.25(b), a third-order DCDR with the proposed SSC tracking 
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aid achieves a timing error of 0.0249 UIrms/0.1511 UIpp for the same loop 

bandwidth. 

Fig. 3.26 demonstrates the simulated BER bathtub curves of the second-order 

DCDR and third-order DCDRs with or without the proposed SSC tracking aid 

when receiving 30-kHz, 50,000-ppm SSC-modulated data. The BER values at 

different timing offsets from the nominal sampling points were obtained by 

using the XMODEL's statistical simulation feature [58], which estimates the 

 
Figure 3.25: Simulated jitter histogram characteristics: (a) second-order DCDR 
and (b) third-order DCDR with IBMT. 

 
Figure 3.26: Simulated bathtub curves of the second-order DCDR and third-or-
der DCDRs. 
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statistical properties of signals by propagating and accumulating the conditional 

probability density functions (CPDF) of the signals along with their Monte 

Carlo samples. With 6,000,000-bit samples, a basic Monte Carlo simulation can 

estimate the BERs only down to 10-6, whereas the CPDF-based simulation can 

estimate the BERs down to 10-12 with 95% confidence intervals. Note that the 

third-order DCDR without the proposed SSC tracking aid with the parameters 

given in Table 3.2 cannot track the SSC modulation exceeding 40,000 ppm 

since the large changes in the frequency ramp rates near the SSC deflection 

points may cause the DCDR to overshoot and even lose lock. The results 

suggest that the second-order DCDR achieves a timing margin of 0.453 UI at 

the target BER of 10-12, whereas the third-order DCDR with the proposed SSC 

tracking aid shows a timing margin of 0.711 UI, which corresponds to a 1.57× 

improvement. 
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Chapter 4.  

 

Sub-Sampling Digital Phase-

Locked Loop (SS-DPLL) with 

Time-based Pipelined ADC 
 

In Chapter 4, a sub-sampling digital PLL (SS-DPLL) employing a unique 

time-based pipelined analog-to-digital converter (ADC) will be presented. The 

key building block, the time-based pipelined ADC utilizes multiplying digital-

to-analog converter (MDAC) exhibiting robust and calibration-free 2× residue-

amplification as its unit cell, which is immune to PVT-variation or delay mis-

matches due to its pseudo-differential pulse-subtracting operation. In addition, 

since the slope of residue-amplification transfer is always constant, there is a 

merit that only the timing offsets among MDACs need to be calibrated. The 

SS-DPLL using this pipelined ADC can take advantage of the structural ad-

vantages of the ADC, such as robust and calibration-free 2× residue gain, sim-

ple calibration method, low hardware cost, etc. Moreover, latency reduction 

algorithm is adopted to further reduce PLL’s loop latency due to the structural 

limitation of pipelined ADCs, thereby the stability of PLL is improved. In this 
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chapter, time-based pipelined ADC and SS-PLL adopting it will be explained 

sequentially. 

 

4.1. Background 

In this section, the formal definitions or basic backgrounds on pipelined ADC, 

time-based circuit techniques, and sub-sampling PLL will be briefly reviewed. 

Through these overviews, I hope to gain a better understanding of the SS-DPLL 

using a time-based pipelined ADC that will be introduced later section. 

 

4.1.1. Pipelined ADC 
According to the tutorial paper [59], there are two basic functions in analog-

to-digital converter (ADC), namely, sampling and quantization. In general, the 

type of ADC is divided according to the quantization method. Among them, 

 
Figure 4.1: Binary search algorithm for pipelined ADC. 
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pipelined ADC and successive-approximation register (SAR) ADC use the 

binary search algorithm. Fig. 4.1 shows the computed estimates which 

sequentially converge toward Vin. In each clock cycle, the pipelined ADC 

compares Vin with the most recent estimate and make a decision for the polarity 

of the difference between the inputs and the estimate. The difference is called 

Residue denoted as Vin-k×Vref, (k = 1/2, 3/4… as shown in Fig. 4.1). The 

objective is to confine the residue to less than 1 LSB. In summary, residue is 

propagated from previous to next stage every clock cycle, and polarity (or 

decision) information can be obtained from MSB to LSB sequentially.  

The key for implementing pipelined ADC each stage is apparently 2× residue 

amplification. By using switched capacitor architecture [60], multiplying DAC 

(MDAC) is the most popular implementation. Fig. 4.2 shows basic MDAC 

stages [59]. In the sampling phase, capacitors (C1=C2) track input using unity-

gain amplifier. In the amplification phase, C1 is flipped relative to op-amp, and 

the left-side of C2 transits to Vref or 0. Therefore, the residue transfer function 

can be get as below: 

 
Figure 4.2: Basic MDAC stages. 
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However, this 1-bit MDAC suffers from several sources of inaccuracy: 

capacitor mismatch, finite op-amp gain, comparator offset, and so on. Because 

of these non-ideality, the some region of residue transfer enters to “over-range 

region [59]” or forbidden region which cannot be dealt with next stage as shown 

in Fig. 4.3. 

 
2 , if 2

2           , if 2
residue in ref in ref

in in ref

V V V V V

V V V

= − >

= <  (4.1) 

 

 
Figure 4.3: MDAC’s non-ideality (a) gain error due to capacitor mismatch (b) 
offset due to comparator offset. 

 

 
Figure 4.4: 1.5-bit MDAC’s residue transfer. 
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To circumvent above problems, widening dynamic range of input is 

extensively used such as “1.5-bit MDAC”. The error due to gain mismatch (Fig. 

4.3(a)) cannot be completely solved [61], but the error caused by offsets (Fig. 

4.3(b)) can be solved by using 1.5-bit architecture. Fig. 4.4 illustrates the 

residue transfer for 1.5-bit MDAC. This residue amplifying method can tolerate 

offsets up to ±Vref/4 (output range should be included in next stage’s input 

dynamic range). This tolerance matched with half a bit is called redundancy, 

which can be utilized to accommodate offsets. The basic circuitry for 1.5-bit 

MDAC is described in Fig. 4.5 and its residue transfer equation is below: 

 

In this dissertation, new type time-based 1.5-bit MDAC topology will be 

covered, the algorithm of which realizes calibration-free constant gain 2× 

 

2 , if 4

2           , if 4 2

2 , if 4

residue in ref in ref

in ref in ref

in ref ref in

V V V V V

V V V V

V V V V

= − >

= > > −

= + − >
 

(4.2) 

 

 
Figure 4.5: 1.5-bit MDAC circuit implementation 
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residue amplification method. Additional simple offset calibration to assist 

half-bit redundancy is also adopted to the topology. 

 

4.1.2. Time-based Circuits 
Time-based circuitry [62] deals with time-domain signals (i.e., binary levels 

or pulse width), which is compatible with digital circuits. Therefore, it can fully 

enjoy the fruit of scaling-down of process technology, such as small area, low 

dynamic power, high speed, etc. The application range of the time-based circuit 

is very wide from frequency generation to analog-to-digital conversion. 

There are several advantages of time-based circuit over voltage-domain 

signal processing as listed: 1) it is not limited by supply voltage, 2) accurate 

reference generator is not required, 3) amplifier such as op-amp is not 

necessarily required. 

 
Figure 4.6: Time-based unit cell (integrate and fire, I&F cell): (a) time-to-time 
operation and (b) voltage-to-time operation. 
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Fig. 4.6 illustrates the unit time-based circuits, called integrate and fire (I&F) 

cell. The unit cell of Fig. 4.6(a) converts time input (pulses) to time output, the 

main usage of which is the gated-ring-oscillator (GRO) based TDC and 

relaxation oscillator [63]. On the other hand, the unit cell of Fig. 4.6(b) that 

converts voltage input to time output is utilized in voltage to time converter 

(VTC), the front end of time-based ADC. The I&F cell has the following 

additional advantages in addition to those of the time-domain circuit mentioned 

above: 1) power-efficient (there is no static current, e.g. op-amp), 2) 

programmability (addition, subtraction, multiplication can be conducted in 

time-domain), 3) compatibility with any CMOS logic-gates. 

The unit cells of the proposed time-based pipelined ADC in the next section, 

MDAC and VTC, both are made by combining the two structures shown in Fig. 

4.6 with CMOS logic gates adequately. Please refer to the next section for 

details. 

 

4.1.3. Sub-sampling PLL 
The sub-sampling PLLs (SS-PLLs) firstly introduced in [64] have gradually 

gained a lot of popularity due to their low integrated phase noise or jitter. Since 

it can remove divider on the clock path and does not amplify the phase detector 

(PD) and charge-pump (CP) noise, extremely low in-band phase noise can be 

achieved. 

Digital versions of SS-PLL, SS-DPLL, were also well established thanks to 

[65]-[66], where digitized phase error generated by ADC is processed in DLF 

and DCO’s control code words are updated. As illustrated in Fig. 4.7, since the 
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TDC or PD quantization noise is effectively suppressed similar to CP/PD case 

in analog SS-PLL, the in-band phase noise in SS-DPLL is also maintained with 

low-level. To make a long story short, due to voltage domain quantization, the 

quantization noise in the DCO’s output phase domain is always kept constant 

in SS-DPLL, whereas the phase digitization of the reference clock domain is 

multiplied by N in conventional DPLL. 

Fig. 4.8 illustrates general architecture of SS-DPLL. It is composed of a 

frequency-locked loop (FLL) utilizing dead-zone PFD and a core phase-locking 

loop using ADC to digitize DCO output directly. For the phase locking, DCO’s 

output is sampled by a bootstrapped sample-and-hold (S/H) circuit in order to 

reduce charge injection and better linearity. The ADC part, the primary building 

block for SS-DPLL, generally composed up of N-bit flash ADC and resistive 

voltage divider whose area and power somewhat can be large. 

 
Figure 4.7: Suppression mechanism for quantization noise in SS-DPLL. 
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I have focused on finding suitable ADC for the SS-DPLL and have found 

that the pipelined ADC could be a good replacement for the flash ADC. From 

this point of view, let us consider whether the pipelined ADC in the next 

sections is suitable for phase detection of SS-DPLLs. 

 

4.2. Proposed Time-based Pipelined ADC 

As briefly stated in introduction, section 4.1.1-4.1.2, the proposed time-based 

pipelined ADC has several advantages: 

1) Robust and calibration-free 2× residue amplification in MDAC 

2) Simple offset (due to device mismatch) calibration in MDAC 

3) Low hardware complexity due to absence of analog components (op-

amps, bias voltage generator, etc.) and time-domain processing. 

This section will cover how to achieve above advantages by explaining the 

implementation of the ADC in a bottom-up fashion. 

 

 

 
Figure 4.8: Basic architecture of SS-DPLL. 
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4.2.1. Proposed Time-based Sub-Circuits, 1.5-
bit Multiplying DAC (MDAC) 

 

Fig. 4.9 describes proposed time-based voltage-to-time converter (VTC). It 

is based on I&F cell type in Fig. 4.6(b). This pseudo-differential VTC converts 

the input voltage difference of two identical units into the output timing 

difference. More specifically, inputs of each units are sampled and held, and 

then the charging units charge capacitors from their input voltages triggered by 

rising transition of clock. When the charging voltage Vc reaches the comparator 

threshold Vth,comp, NMOS for reset discharges the capacitor. The resultant timing 

 
Figure 4.9: Proposed time-based VTC. 
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difference, hence, indicates the input voltage difference. The conversion gain 

can be calculated as below: 

 
where C is digitally controlled capacitance of charging node, Ibias is the amount 

of current source, respectively. In my design, the conversion gain is nominally 

1.5ps/mV and differential input dynamic range covers -400~400mV. 

Fig. 4.10 shows the 100-samples Monte-Carlo simulation result for VTC’s 

transfer characteristic. As shown in Fig. 4.10, although its linearity is somewhat 

guaranteed, it can be seen that there exists the offset relative to the origin. To 

compensate the offset, each stage’s C and Ibias in Eq. (4.3) via digital control 

can be tuned. 

Following MDAC stage receives two pulses generated by VTC, quantizes 

 ( ), , , ,out n out p in p in n
bias

CT T V V
I

− = − , (4.3) 

 

 
Figure 4.10: Monte-Carlo simulation result for VTC transfer. 
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the difference between the two pulses, and performs 2× residue amplification 

with half-bit redundancy in the time-domain. 

The proposed time-based 1.5-bit MDAC realizes the residue transfer 

function by combining several CMOS logic gates based on the I&F cell in Fig. 

4.6 (a) whose input and output are both pulses. 

As mentioned in the previous sections, the proposed time-based MDAC 

utilizes the compatibility and programmability of I&F cell. For instance, the 

input of the I&F cell of 4.6 (a) can receive any pulse modulated by several 

CMOS logic gates. After all, the goal is to create the 2× residue transfer 

function using the above properties. The time-domain 1.5-bit 2× residue 

transfer function is as below: 

 

where ∆T is a time-domain quantized unit. The function of Eq. (4.4) can be 

 

2 4 , if 
2           , if 
2 4 , if 
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in in
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Figure 4.11: Time-domain 1.5-bit MDAC’s residue transfer. 
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illustrated as Fig. 4.11. 

Hereinafter, each operation/implementation of the proposed time-based 1.5-

bit will be described one by one compared with the conventional structures of 

Fig. 4.4 and Fig. 4.5. 

In comparison with voltage-domain conventional MDAC, the proposed 

time-domain MDAC has three distinct stages, quantization stage, pulse 

modulation stage, and 2× amplifying stage. 

In quantization stage, the difference between the two input pulses is sensed 

and it is determined which interval of residue transfer Eq. (4.4) includes the 

difference by using an interlaced NAND latch circuit in Fig. 4.12. This 

interlaced-latch drops two of the four outputs that are tie-high to zero, 

depending on which interval input’s difference belong to, as shown in below 

part of Fig. 4.12. 

 
Figure 4.12: Interlaced NAND latch as quantizer for time-based 1.5bit MDAC. 
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Next, in pulse modulation stage, 4 pulses of Fig. 4.12 and 1∆T-delayed 

version of up/dn is modulated by AND operation, which resultant pulses are 

described in Fig. 4.13(a) (pale-green pulses). Then, 2 of 4 AND-gated pulses 

are selectively delayed by 4∆T as described in Fig. 4.13(a) (green pulses). 

 

 
Figure 4.13: Pulse modulator of 1.5-bit MDAC: (a) first-stage and (b) second-stage 
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Lastly, 4 outputs of Fig. 4.13(a) are converted to output pulses, the width of 

which are matched with sky-blue colored values in Fig. 4.13(b). Interestingly, 

the difference between the two modulated output pulses results in a residue 

transfer function Eq. (4.4) according to each interval. Note that the role of the 

AND gates in Fig. 4.13(a) is to ensure that the minimum width of the output 

pulses are at least ∆T, so that even when Tin is very small, the pulse modulation 

is normally performed without being glitch-filtered. 

In the next half cycle of operating clock, the 2× residue amplification is 

conducted. The difference in the width of the two pulses shown in Fig. 4.13(b) 

should be converted to the timing difference of the output pulse, which can be 

implemented by I&F cell in Fig. 4.6. As with the VTC case, it is also based on 

a differential I&F unit that receives each output pulse in Fig. 4.13(b). 

The core idea is to convert each pulse-width of two output pulses into voltage 

domain information (time-to-voltage conversion (TVC)) and then convert this 

 
Figure 4.14: Principle of 2× residue amplification using subtraction. 
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voltage information to the difference between timings of two pulses backward 

(voltage-to-time conversion (VTC)). The latter operation is already explained 

in the part of proposed VTC. Fig. 4.14 concisely summarizes overall operation 

 

 
Figure 4.15: Residue amplification stage. 

 

 
Figure 4.16: Timing diagram of residue amplification when Tin > ∆T. 
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for residue amplification. 

To achieve consecutive TVC-VTC conversion as illustrated in Fig. 4.14, the 

distinct combination of CMOS logic gates and I&F cell in Fig. 4.15 is proposed 

in this dissertation. Fig. 4.16 shows an example of overall timing diagram for 

2× residue amplification. 

Fig. 4.17 depicts the overall architecture of the proposed time-based 1.5-bit 

MDAC, composed of quantization, pulse modulation, and residue amplification 

stage which are elaborated in this subsection. Note that the quantizer is added 

to the outputs of interlaced latch in order to obtain 3-levels of 1.5bit digitized 

output (i.e., 2’b10, 2’b00, and 2’b01 for 1,0,-1, respectively). 

In the next subsection, the robustness of this MDAC’s algorithm is 

thoroughly investigated. 
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4.2.2. Robustness of Proposed MDAC’s Resi-
due Amplification 

As discussed in previous sections, proposed 1.5-bit MDAC topology has 

several advantages. Above all, the robustness of the 2× amplification, which 

guarantees the slope of the residue transfer function, is the greatest merit of 

choosing this structure. In this subsection, in various non-ideal situations, 

whether the robustness of residue transfer is still maintained or not will be 

investigated. 

Eq. (4.5) shows 2× residue amplification mechanism numerically. Eq. (4.5) 

can be derived by letting T1 = Tin + ∆T and T2 = 5∆T – Tin in the case of Tin > 

∆T. 

 

Then, let us assume that there are several non-ideality elements, such as 

mismatches in delay elements (∆T), mismatches in current bias (Ibias) and 

capacitance (C), mismatches comparator’s threshold (Vth,comp), etc. Reflecting 

these mismatch effects, Eq. (4.5) changes as follows: 
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where k1 and k2 are Ibias,1/C1 and Ibias,2/C2, respectively. The notation of 

subscription 1 and 2 means different mismatches are applied to each term. From 

Eq. (4.6), the residue amplification equation can be calculated as follows: 

 
As can be inferred from Eq. (4.7), therefore, introduced non-idealities solely 

contributes to offset term of transfer function. The offset can be removed by 

adjusting digitally-controlled capacitor or be ignored by half-bit redundancy. 

It is noteworthy that the length of the Ibias generator’s PMOS should be 

determined somewhat large because the charging slope variation of a single unit 

due to channel-length modulation is only factor which can affect constant 2× 

slope. 
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4.2.3. Proposed Time-based Pipelined ADC Ar-
chitecture 

Fig. 4.18 describes the overall architecture of a time-based pipelined ADC 

employing time-based circuits introduced in 4.2.1. The analog differential 

 
Figure 4.18: Proposed time-based pipelined ADC. 

 

 
Figure 4.19: Time-based 2-bit flash ADC. 
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inputs are translated to time-domain pulse difference by VTC. Time difference 

between VTC’s output pulses is quantized and the residue is propagated to next 

MDAC stages successively. Timing aligner is composed up of the array of D 

flip-flops, which aligns consecutive bits from MSB to LSB. Digital correction 

logic is used to process the 1.5-bit-oriented overlap addition after alignment. 

For the prototype chip, a total of 8-MDAC stages and 2-bit flash ADC were 

combined to implement 10-bit pipelined ADC. 2-bit flash is also designed for 

time-domain operation, which is described in Fig 4.19. The sampling clock 

frequency (symbol-rate) is 200 MHz at nominal setting. 

Calibration engine fully synthesized in digital has three modes: external, 

foreground, and background. Basically, the calibration logic based on Eq. (4.7) 

adjusts the value of the digitally-controlled capacitor to eliminate the additional 

offset term in Eq. (4.7). Again, the slope of the residue transfer is not affected 

 
Figure 4.20: Monte-Carlo simulation result for MDAC’s transfer. 
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by the calibration, only the offset term changes. For instance, Fig. 4.20 shows 

the 100 Monte-Carlo samples of MDAC’s residue transfer whose offset is 

varied over y-axis (indeed, the slope of each transfer is almost identical as 

shown in Fig. 4.20). The simplest way to calibrate these offset is to center the 

transfer curve at the origin. In other words, this is just to apply the inputs with 

the same timing to each stage of the MDAC and then adjust the digitally-

controlled cap values so that the outputs of each stage are at the same timing. 

After aligning the origin, remaining offsets around 2-nonlinear points can be 

ignored by half-bit redundancy with sufficiently timing margin. 

As can be seen from the above description, the calibration of the proposed 

pipelined ADC is very simple because it only focuses on adjusting the offset. 

This offset adjustment is done in the fully digital domain because it aligns the 

 
Figure 4.21: Proposed calibration method using optimal finder. 
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output timings when receiving same input timings. Fig. 4.21 shows the 

implementation of this calibration method. In a statistical sense, if output is 

aligned, sum of the 128-counted decision values will stay in the middle area of 

the distribution in Fig. 4.21, where white-Gaussian random noise is assumed. 

Fig. 4.22 shows how the calibration of Fig. 4.21 can be applied throughout 

the overall pipelined ADC. Fig. 4.22 shows stage-skipping method in which 

two MUXes are placed before and after the MDAC, and the stage in which the 

calibration is in progress passes through the bit of the previous stage as it is. By 

using this method, background calibration can be also achieved. Detailed 

simulation results are shown in the following sections. 

 

4.3. Proposed SS-DPLL using Time-based 
Pipelined ADC 

The proposed SS-DPLL employs proposed time-based pipelined ADC 

introduced in previous section. By replacing the array of flash ADCs, resistive 

 
Figure 4.22: Stage-skipping calibration method. 
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voltage divider, a number of voltage generators, and complex calibration 

circuits to proposed time-based pipelined ADC, power-area efficient design can 

be achieved. In this design, the SS-DPLL adopts 5-stage version of Fig. 4.18 to 

express phase error to 5-bit expression.  

However, there is one complication to using pipelined ADCs in sub-

sampling PLLs: loop latency issue. To alleviate this challenge, latency 

reduction technique is applied, which not only improved stability but also 

reduced hardware cost. 

Throughout Section 4.3, SS-DPLL architecture, its loop dynamics, and 

latency reduction algorithm will be explained sequentially. 

 

4.3.1. Proposed SS-DPLL Architecture 
Fig. 4.23 describes the overall architecture of proposed SS-DPLL using time-

based pipelined ADC. The FLL loop operates until the phase error arrives in 

 
Figure 4.23: Proposed SS-DPLL employing time-based pipelined ADC. 
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the 2π dead-zone in PFD, and frequency acquisition is performed. After 

frequency acquisition, main loop for phase-locking is activated. The un-

buffered 9-GHz DCO output clock is sampled by sample(track)-and-hold 

circuit using bootstrapping [67] at the rate of reference clock rate (divide-by-

64, 140.625 MHz). The sampled differential voltages are input to a front-end 

(VTC) of 5-bit pipelined ADC and converted to time-domain pulse difference. 

As illustrated in Fig. 4.24, the pipelined ADC for PLL lessen its hardware to 

reduce inherent loop latency. It will be discussed in later section. The digitized 

phase error information generated by the pipelined ADC is transmitted in 

chronological-order from MSB to LSB, which changes the frequency control 

words (FCW) of DCO through a digital proportional-integral (PI) loop filter. 

 

4.3.2. Loop Dynamics 
This subsection analyzes the loop dynamics of the proposed SS-DPLL by 

firstly deriving voltage domain digitization parameters. Since the ADC is used 

 
Figure 4.24: 5-bit time-based pipelined ADC for SS-DPLL. 
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to convert voltage difference to digitized phase error, ADC-based phase 

detection [66] should be elaborated. According to [66], the phase detection 

effective resolution in time-domain can be defined as: 

 

where N is ADC’s resolution and Vrange is dynamic range of ADC. By exploiting 

Eq. (4.8), phase domain equivalent PD gain in my design, KADC, approximately 

to 32 bit/rad. Then, the s-domain open-loop transfer function of the SS-DPLL, 

G(s) is 

 
The overall s-domain closed-loop transfer function of the SS-DPLL H(s) is 
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Figure 4.25: ADC-based phase detection. 
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as follows: 

 

Thanks to the voltage sub-sampling mechanism, there is no N-multiplication 

in primary in-band noise sources such as PD quantization noise. However, note 

that reference clock noise still multiplied by N2 [64]. 

Furthermore, it is important to note that KADC can be adjusted according to 

VTC gain by changing the ratio between bias current and digitally-controlled 

capacitance in VTC. 

In my design, KP, KI, and KDCO are set by 23, 2-3, and 10 kHz/bit, respectively. 

The resultant 3-dB bandwidth is around 5MHz. 

 

4.3.3. Latency Reduction Technique 
According to [52], loop latency can adversary affects loop’s stability by 

degrading phase margin. Let us consider PLL model with latency effect within 

the loop as shown in Fig. 4.26. 
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Figure 4.26: PLL’s loop with latency effect. 
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The s-domain open-loop transfer function with loop latency effect can be 

expressed as: 

 
By using the approximation e-sT ≈ 1-sT, Eq. (4.11) is rewritten by: 

 
where K is KADCKDCO. 

The first term of numerator in Eq. (4.12) introduce the high-frequency 

positive zero which degrades phase margin [52]. Hence, the loop latency should 

be kept sufficiently short to maintain stability. 

A significant loop latency is inevitable in the proposed PLL structures due to 

the inherent portion of pipelined ADC/TDC. As described in Fig. 4.27, in order 

to align each bit from MSB to LSB, the additional delay unit should be added 

and it degrades stability. 

However, if the target application is solely PLL not the ADC itself, all bits 

in the Derr need not be aligned as in Fig. 4.27. That is, as long as the net value 

of Derr is unchanged, each bit from MSB to LSB can be directly transmitted to 
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Figure 4.27: z-domain SS-DPLL model without latency reduction technique. 
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the digital loop filter as described in Fig. 4.28. 

SS-DPLL’s pipelined ADC in Fig. 4.28 has not additional compensation 

delay elements, each bit of which is updated sequentially after their own 

intrinsic delay. According to the open-loop simulation results, the effective loop 

latency is reduced 5Tref to 2.34Tref, and the comparison of closed-loop transfer 

function with or without latency reduction technique is shown in Fig. 4.29. 

 

 
Figure 4.28: z-domain SS-DPLL model with latency reduction technique. 

 
Figure 4.29: Comparison with jitter transfer with or without latency reduction 
technique. 
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4.4. Results (on fab-out waiting stage) 

This section will describe the simulation results of the prototype ADC and 

SS-DPLL which were fab-out on 2019/5/30. The prototype chip was fabricated 

in 28nm LP CMOS technology with nominal 1.0V supply. The full-chip layout 

is given in Fig. 4.30. The pipelined ADC and SS-DPLL occupy 0.025mm2 and 

0.2mm2, respectively. 

 

4.4.1. Simulation Results for Time-based Pipe-
lined ADC 

Fig. 4.31 compares the Walden figure-of-merit (FOM) [68] of all ADCs 

 
Figure 4.30: Full-chip layout containing SS-DPLL and pipelined-ADC. 
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published so far.  

The prototype time-based pipelined ADC achieves 24.6 fJ/conv and 35.2 

 
Figure 4.31: Walden figure-of-merit (FOM) plot including proposed ADC. 

 
Figure 4.32: Digitized waveform and ENOB/SNDR. 
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fJ/conv at nominal and worst condition, respectively. Fig. 4.32 shows the 

simulated transient digitized output, effective number of bit (ENOB) / signal-

to-noise-plus-distortion ratio (SNDR) with 1-MHz sinusoidal stimulus. The 

simulated ENOB and SNDR are 8.263 (worst case simulated ENOB is 7.8) and 

51.503 dB, respectively. All transient simulations are conducted with 

mismatch-condition and performance metrics are measured after calibration 

sequence introduced in section 4.2. Fig. 4.33 shows the simulation results of 

the foreground calibration. Each stage is sequentially calibrated and the 

"cal_done" signal is toggled after all calibration for each stage are completed.  

 

 

 

 

 
Figure 4.33: Transient simulation result for foreground calibration. 
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4.4.2. Simulation Results for SS-DPLL 
Table 4.1 summarizes SS-DPLL’s characteristics. The sub-sampling PLL 

exhibiting almost -240dB FOM is competitive with state-of-the-art PLLs. 

Fig. 4.34 (a) and (b) shows the SS-PLL’s jitter histogram (JHIST) and phase 

noise (PN), respectively. Thanks to low in-band phase noise, the RMS output 

clock jitter can be kept low. The condition of input reference jitter and DCO 

phase noise are 1psrms and -110 dBc/Hz at 1MHz offset, respectively. 

Fig. 4.35 shows the jitter transfer of the proposed SS-DPLL, the bandwidth 

of which is near 5MHz and can be tuned up to 15MHz. 

Fig. 4.36 shows the locking transient of the sampled and held DCO voltage. 

Table 4.1: Performance summary of the proposed SS-DPLL 
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As phase locking is proceeded, the sampled voltage settles to the midpoint of 

the DCO clock waveform. 

 

 

 

 

 

 

 
Figure 4.34: Simulated JHIST and PN of the SS-DPLL. 

 

 
Figure 4.35: Simulated JTRAN of the SS-DPLL. 
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Figure 4.36: Simulated locking transient of sampled and held DCO clock voltage. 
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Chapter 5.  

 

Cell-based Design Flow (CBDF) 

With Analog Cell Library (ACL) 
 

This chapter briefly presents cell-based design flow (CBDF) with analog 

cell library (ACL). To meet increasing demand for reducing design cost, the 

extended cell-based design concept enabling systematic top-down approach in 

the area of analog and mixed signal system. The key concept to make it possible 

to employ CBDF is well-organized ACL with clearly defined I/O interfaces and 

functionalities which can guarantee reliable operation of a system with any 

combination of the analog cells. Based on this design flow, previously-intro-

duced IPs in Chapter 2-4 were fabricated. Throughout this chapter, the whole 

process of CBDF will be presented, and then the design of time-based pipelined 

ADC comprised of the ACL will be introduced to demonstrate availability of 

this methodology. 
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5.1. Description 

This chapter attempts to introduce CBDF into mixed-signal system to over-

come massive design budget. CBDF which is originally used in digital system 

design is a process starting by defining intent, and mapping it into reality. When 

it comes to digital system design, designers describe functionality by hardware 

description language such as Verilog, and perform automatic place-and-route 

(P&R). This top-down approach originated from [57] takes advantage of clari-

fying design intent and verifying system performance prior to layout or P&R. 

The key point which makes it possible to employ CBDF in digital system is 

that it has distinct standard cells expressed by Boolean abstraction. By taking it 

an idea from the concept, mixed-signal-fashion CBDF is realizable as long as 

unit cells are well-defined. Additionally, this can be done by mixed-signal sys-

tem verification tool, XMODEL, which encourages change of circuit design 

paradigm. On the strength of it, this chapter will present several unit cells with 

well-organized interfaces and I expect that feasibility of CBDF is effectively 

verified through this work. 

The proposed CBDF is illustrated in Fig. 5.1. This flow starts with func-

tional modeling reflecting functionality, I/O pins, and specification. Then it is 

verified by accurate and event-driven XMODEL simulator, from bottom to up. 

After the verification, procedure is split to two streams, analog and digital. Dig-

ital part will be proceeded in the same way of traditional digital-versioned 

CBDF, logic synthesis, equivalence check, and static timing analysis is done 

by well-known electrical design automation (EDA) tools. On the other hand, 
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analog part needs manual custom design in order to comprise ACL. However, 

if ACL is previously prepared, this time-consuming procedure will be skipped. 

Finally, by gathering all together, top-level automatic P&R can be accom-

plished by using related EDA tool for P&R. 

As shown in right-side of Fig. 5.1, ACL should be established beforehand. 

The most salient thing is that there is certain requirements for being a unit cell 

comprising cell library, which is that each unit cell should have definite func-

tionality and I/O pins. Functionality describing input to output relationship of a 

unit cell is prerequisite because well-defined functional model makes it possi-

ble to predict system performance without any transistor-level knowledge. 

Moreover, by using System Verilog based XMODEL tool, I can conduct analog 

and digital circuit verification at the same time. 

In addition, ACL cells should be drawn by strict layout rules in order to 

utilizing error-free P&R aid. To successfully exploit P&R tools, all cells must 

be placed in discretized grid. As illustrated in Fig. 5.2, therefore, I proposed 

lambda-based layout rule for ACL (lambda (λ) is a unit of routing pitch/width 

based on technology information). 

An example ACL set for PLLs is shown in Table 5.1. Each unit cell is de-

fined by clear functionality and I/O interface. In addition, each cell’s specifica-

tion is pre-determined, and this information is accurately described in behav-

ioral model. When different combination of analog cells is compelled, feasibil-

ity can be verified through behavioral simulation. 
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Figure 5.1: Cell-based design flow (CBDF) with analog cell library (ACL) 

 

 
Figure 5.2: Layout rules example for CBDF and ACL 
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Table 5.1: ACL example for PLLs. 
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5.2. CBDF Example: Time-based Pipelined 
ADC 

The prototype time-based pipelined ADC in chapter 4 was made by CBDF 

with ACL. The core MDAC’s pin description and specification are described 

in Fig. 5.3. As can be seen in Fig. 5.3, MDAC has mostly digital-type inputs 

and outputs even if its internal functionality is highly dependent on analog. 

 

 
 

Figure 5.3: MDAC’s pin description and specification. 
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Time-domain digital signal such as clock or pulse is insensitive to process, volt-

age, and temperature (PVT) variation and voltage-domain noise so that it gives 

possibility to connect each other or any digital CMOS circuits by automatic 

P&R without considering any constraints (i.e., loading effect). The MDAC’s 

 
Figure 5.4: MDAC’s behavioral model. 

 

 
Figure 5.5: N-bit time-based ADC example. 

 
Figure 5.6: Layout of ADC core. 
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behavioral model described in XMODEL is shown in Fig. 5.4. 

Fig. 5.5 shows time-based ADC core using combination of ACL cells (VTC, 

cascaded MDACs). Since the internal operation of each cell is isolated due to 

pulse input / output environment, ADC can be implemented by simply cascad-

ing the ACL cells. The resolution can be arbitrarily adjusted by changing the 

stage number (N) according to the demand of the user. In layout aspect, it is 

possible to implement the pipelined ADC core simply by connecting the ACL 

cells (Fig. 5.6) in P&R stage. 

Those macro cells are placed semi-manually (but, easily) based on the sys-

tem floorplan while the placement of the rest of the cells such as the standard 

logic cells can be left to the automation tool. Then, the critical signal traces such 

as the high-speed signal inputs, multi-phase clocks, and sensitive bias lines that 

require careful matching and isolation from interferences are manually pre-

routed. The other less critical signals can be routed automatically. The power 

network routing and filler cell insertion are performed next. This sequence is 

far more advanced than what any analog layout tools can offer. Except for some 

cell placements and sensitive wire routing, most of the physical design process 

is automated, leveraging the system’s functional model (i.e., Verilog or System 

Verilog) as the structural netlist. 

As seen before, Fig. 4.30 shows the final layout of the time-based ADC con-

structed by using this flow and Fig. 4.32 shows the final simulation results 

(transient and ENOB) after auto P&R, respectively. 
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Chapter 6.  

 

Conclusion 
This dissertation presented novel digital-driven design techniques for solv-

ing various systematic defects in digital PLL and CDR circuitries 

In Chapter 2, the design and analysis of the peaking-free DPLL has been 

presented. The necessary phase compensation feedback is implemented solely 

using a new type of digital loop filter without adding any noise-sensitive analog 

components on the clock paths. Furthermore, the mixed-signal circuit technique 

to keep TDC characteristic insensitive to PVT or input jitter is presented. The 

linear TDC is implemented as DSM-dithering based oversampling technique, 

which uses the combination of phase DAC and DSM to generate pseudo-ran-

dom time-varying offset. By exploiting this, the linear and constant TDC gain 

is achieved in a statistical sense. The measurement results show that the pro-

posed PLL can achieve fast settling without exhibiting a phase-domain over-

shoot. 

In Chapter 3, a novel digital auxiliary circuit for SSC tracking has been pre-

sented. It achieves accurate and noise-resilient performance, whereby the SSC 

deflection points are restored by an IBMT loop. By analyzing and simulating 

IBMT’s frequency response, the proposed SSC tracking aid can be designed to 

exhibit a timing error as low as 0.01% of the SSC period and to withstand noisy 
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SSC profiles in which SNDR is as low as 20 dB. The simulation results shows 

that a PLL-based CDR with the proposed SSC tracking aid achieves remarkably 

suppressed timing error in comparison with a second-order counterpart. 

In Chapter 4, a new-type time-domain MDAC, combination of I&F unit and 

CMOS logic gates, has been firstly presented. By exploiting time-domain pulse 

modulation, it can achieve highly constant and calibration-free 2× residue am-

plification in low cost way. Time-based pipelined ADC with this unit cell is 

power-area efficient and simple to be calibrated because it also take advantage 

of time-domain operation. Lastly, SS-DPLL employing the pipelined ADC also 

reduces hardware complexity and power by replacing the flash ADCs and pe-

ripheral circuits with the time-based ADC. The simulation results how that 

ADC and PLL’s FOMs are competitive enough compared with those of state-

of-the-arts ADC and PLL. 

In Chapter 5, mixed-signal version cell-based design flow and analog cell 

library are introduced. The well-organized design flow and cell library enable 

us to exploit automatic place-and-route using existing EDA tool as well as top-

level system verification with XMODEL. 
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초 록 
 

본 학위 논문은 디지털 방식의 위상동기루프 (PLL) 와 데이터 

및 클럭 복원 회로 (CDR)의 분야 전반에 걸친 여러 시스템상 취

약점들을 참신한 디지털 및 혼성신호 회로들을 도입해서 해결한 

점에서 의의가 있다. 기존의 아날로그 설계의 접근 방식과는 다

르게 디지털 기술들의 확장성 또는 프로그래밍 가능성을 이용하

면 이러한 타이밍 회로들의 설계 제한 조건들을 완화시킬 수 있

다. 가령, 매우 간소화된 캘리브레이션 구현이나, 특수한 전달 함

수 및 비선형 특성의 구현 같은 것들이 대표적인 예제이다. 본 

연구가 디지털 및 디지털 중심의 혼성신호 회로를 이용해서 해결

한 문제들은 PLL의 전달함수 특성 개선, 스프레드 스펙트럼 변조

된 (SSC) 데이터 수신 CDR 의 추적 (tracking) 능력 개선, 파이프

라인 아날로그-디지털 변환기의 2× 잔류 증폭의 특성 개선, 서브-

샘플링 위상 동기 루프의 전력 및 면적 개선 등에 걸쳐 있다. 

첫째로, 본 논문은 peaking 이 없는 전달함수를 가진 디지털 PLL

의 설계를 제안하였다. 기존의 2 차 PLL 이 가지는 폐루프의 전달

함수의 영점을 제거함으로써, 위상 영역에서는 오버슈트를 제거

함으로써 빠른 안정화 속도를 달성하였고, 주파수 영역에서는 지

터 피킹을 제거하여 인밴드 노이즈의 증폭을 막는 솔루션을 제안

하였다. 기존에 발표되었던 연구들과는 다르게, 제안하는 디지털 

PLL 의 peaking 이 없는 전달함수는 오직 디지털 필터만 개선하여 

달성하였다. 또한, 이 디지털 PLL 에는 시그마-델타 모듈레이터와 
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위상-디지털 변환기를 이용하여, 시간에 따라 변하는 (time-varying) 

오프셋을 가진 과샘플링 (oversampling) 클럭으로 위상 오차 

(phase error)를 선형적으로 변환하는 시간-디지털 변환기 (TDC)가 

제안되었다. 이 TDC 는 하드웨어 비용이나, 공정, 전압, 온도, 그

리고 지터에 상관없는 일정한 TDC 전달 함수 구현이 가능하다. 

제안된 PLL 은 65nm 저전력 CMOS 공정으로 제작되었으며, 측정 

결과는 1.58μs 의 매우 빠른 안정화 속도를 나타낸다. 

둘째로, 본 논문은 큰 스프레드 스펙트럼 변조가 (SSC) 인가된 

데이터를 수신하는 수신기가 큰 타이밍 마진을 가지고 데이터를 

추적하도록 하기 위하여, 별도의 디지털 컨트롤러의 설계를 제안

하였다. 제안하는 SSC 추적을 위한 디지털 컨트롤러는 적분-기반 

평균-추적 알고리즘을 구현함으로써, 잡음에 대해 내성을 가지며 

정확한 SSC 타이밍을 복원이 가능하게 된다. 이 구조의 분석에 

따르면, 0.01%의 오차로 SSC 의 타이밍을 복원 하며, 20-dB 의 신호

-잡음-외란 비율 (SNDR)의 잡음이 가해질 때도 타이밍 오류가 

1.5%를 벗어나지 않는다. 이를 적용한 전체 CDR 에 대한 시뮬레

이션 결과는 30kHz, 50,000-ppm 의 SSC 데이터가 인가될 때, 일반

적인 PLL 기반의 2 차 CDR 과 비교하였을 때 1.57 배 개선된 타이

밍 마진을 가진다. 

셋째로, 본 논문은 새로운 시간-베이스의 파이프라인 ADC 를 적

용한 서브-샘플링 디지털 PLL 의 설계에 대해서 소개한다. 주요 

회로인 멀티플라잉 디지털-아날로그 변환기 (MDAC)는 시간-도메

인 설계를 가능하게 하는 인테그레이트 앤 파이어 (I&F) 회로와 

디지털 로직 게이트들을 조합하여 매우 안정적이고 이득의 캘리
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브레이션이 필요없는 2× 잔류 증폭을 구현하였다. 이 MDAC 을 

적용한 파이프라인 ADC 는 저전력으로 설계가 가능하며, 간단한 

타임 오프셋 캘리브레이션만 요구된다. 또한, 이 시간-영역의 파

이프라인 ADC 를 서브-샘플링 디지털 PLL (SS-DPLL) 의 기존 

ADC 들을 대체하여, SS-DPLL 의 하드웨어 복잡도 및 전력을 줄이

도록 하였다. 시뮬레이션 결과에 의하면, 시간 영역 파이프라인 

ADC 의 성능지수 (FOM)는 24.6fJ/conv 이고, ENOB/SNDR 은 각각 

8.25bit/51.5dB 이다. 이 파이프라인 ADC 를 적용한 9-GHz SS-

DPLL 의 FOM 은 약 -239dB 이다. 

 

 

주요어 : 디지털 위상 동기 루프 (DPLL), 디지털 클럭 및 데이터 복

원 회로 (DCDR), 아날로그 디지털 변환 회로 (ADC), 파이프라인 아

날로그 디지털 변환 회로, 디지털 루프 필터 (DLF), 스프레드 스펙

트럼 클럭 (SSC), 서브-샘플링 위상 동기 루프 (SS-PLL) 
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