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Abstract

As demands for wide-band operations increase and sub-rate architectures for re-

ducing power consumption in wireline communications become promising, a ring

oscillator (RO) that has a wide frequency range and a capability to generate multi-

phase becomes a prospective replacement for LC counterparts. However, the RO,

whose frequency is determined by the propagation delay of active devices is vulnerable

to supply noise and has the fatal disadvantage of inferior phase noise compared to the

LC counterparts. In this dissertation, solutions for the two major drawbacks of RO-

based clock generators are addressed, and each solution is verified by a prototype chip.

First of all, a RO-based all-digital phase-locked loop (AD-PLL) with a self-biased

supply-noise-compensation (SNC) technique for a DDR5 registering clock driver (RCD)

application is presented. Considering prerequisites for the DDR5 RCD application, an

open-loop SNC-RO that achieves a low frequency-pushing factor with a large static

voltage margin is proposed. Since the SNC technique operates independently of the

PLL loop bandwidth without using feedback, the SNC-PLL is free from the stability

problem associated with bandwidth overlapping, and the SNC performance can be

maintained regardless of operating configurations. Furthermore, the SNC technique

does not require a start-up circuit and does not deteriorate a stabilization time. Quan-

titative analyses on static and dynamic characteristics of the proposed SNC technique

and relevant design-oriented considerations are addressed. The prototype chip is fab-

ricated in a 28-nm CMOS technology, and the measurement results demonstrate that

the AD-PLL satisfies the prerequisites for the SNC technique in the RCD application.

The SNC-PLL achieves the best power-supply-noise-attenuation (PSNA) performance

of 40 dB and maintains the PSNA performance over 20 dB up to 10 MHz. In the case

of random supply noise, the integrated RMS jitter performance is improved by about

i



65% on average. The AD-PLL consumes 12.1 mW at 3.0 GHz operation and achieves

an integrated RMS jitter of 271 fs without any injected supply noise.

Secondly, an injection-locked clock multiplier (ILCM) with a new background

calibration technique, so-called multi-phase-based calibration (MPC), that utilizes an

intrinsic multi-phase generation capability of the RO is presented. To achieve a high

suppression bandwidth of RO-induced noises, an injection-locking technique is em-

ployed. However, it requires an indispensable two-point (a frequency error (FE) and

an injection path offset (PO)) calibration to ensure its normal operation and secure its

remarkable jitter performance. With the FE calibrator that operates at every injection

rate, the high bandwidth of the FE calibration with full injection effects is attained

simultaneously, which contributes to achieving a much lower jitter. The PO calibrator

makes the MPC-ILCM converge to a minimum reference spur position, where the

residue of the FE in the steady state is minimized. For a low-power implementation,

all calibration loops operate at the reference clock rate using sub-sampling bang-bang

phase detectors. Time-domain analysis of the behavior of the injection locking and

detailed MPC operations with associated requirement conditions are addressed. Fab-

ricated in a 28-nm CMOS, the proposed MPC verifies a low-jitter and low-reference-

spur RO-based ILCM. It achieves an integrated RMS jitter of 143.6 fs and a reference

spur of –77.9 dBc with a FoM of –247.1 dB at 4.8 GHz operation. The MPC sus-

tains a successful injection-locked condition, hence both the integrated RMS jitter and

reference spur performances are maintained with supply voltage variations.

keywords: phase-locked loop (PLL), injection-locked clock multiplier (ILCM),

supply-noise-compensation (SNC), injection-locking, two-point calibration, multi-

phase-based calibration (MPC), registering clock driver (RCD)

student number: 2018-29700
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CHAPTER 1. INTRODUCTION 1

Chapter 1

Introduction

1.1 Motivation

As the demands for high-speed data transmission rates of wireline communication

link have increased, the influence of the clock quality on overall system performance

have also increased. Figure 1.1(a) shows that data rate per pin has approximately

doubled every four years across various I/O standards ranging from DDR to high-speed

Ethernet, and figure 1.1(b) shows that the data rates for recently published transceivers

have kept pace with these standards while taking advantage of CMOS scaling [1].

However, in a LC-type voltage-controlled-oscillator (VCO) -based phase-locked loop

(PLL), passive elements such as a capacitor in the loop filter and an inductor of the LC

tank occupy a large silicon area, which cannot reflect the benefit of process technology

scaling in terms of area cost. On the contrary, a ring oscillator (RO) consists of several

stages of delay elements that can be implemented with only active devices. Besides,

the achievable maximum frequency of the RO increases with the CMOS scaling, which

matches the trend of increasing data rates.
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(a) (b)

Figure 1.1: (a) Per-lane data rate versus year for a variety of common I/O standards
and (b) data rate versus process node and year [1].

Another objective of modern wireline transceivers is low energy efficiency [pJ/bit].

Of course, a remarkable improvement has been achieved with the power-performance

benefits of process technology scaling as well, but much lower energy efficiency has

been required than the CMOS scaling speed [1]. Figure 1.2 shows a conceptual block

diagram of the sub-rate transceivers. The sub-rate architecture not only alleviates crit-

ical timing constraints and design complexities, but also reduces power consumption

compared to a full-rate counterpart. However, it requires a multi-phase clock genera-

tion.

(a)

M
U

X

M
U

X

/2
CLK

(x/M GHz)

M

M

Dout

(x Gb/s)

M

D QDin

(x Gb/s)

CLK

(x/M GHz)

(b)

Figure 1.2: Conceptual block diagram of the sub-rate transceivers; (a) transmitter and
(b) receiver.
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Generation Year
1.0 2003

PCIe Specification

2.0 2006
3.0 2010
4.0 2017
5.0 2019
6.0 2021

Data Rate
2.5 GT/s
5 GT/s
8 GT/s
16 GT/s
32 GT/s
64 GT/s

Figure 1.3: PCI express technology roadmap [2]

One of the special properties of some wireline communication standards is back-

ward compatibility. Figure 1.3 shows the Peripheral Component Interconnect Express

(PCIe) technology roadmap, and the specification has doubled the data rate in every

generation. The PCIe standard supports full backward compatibility with all prior

generations to protect customer investments [3]. In other words, the multiple config-

urations must be satisfied in one standard. Even in a registering clock driver (RCD)

[4, 5], which is one of the memory solution systems and will be addressed in detail in

chapter 3, the full wide-band frequency range is required because the fine granularity

DIMM operating speed per 20 MHz must be supported.

When it comes to these properties of the silicon area cost, the multi-phase genera-

tion capability, and wide-band frequency tuning range, the RO becomes a prospective

replacement for LC counterparts. However, the RO, whose frequency is determined

by the propagation delay of active devices is more vulnerable to supply noise and

has the fatal disadvantage of inferior phase noise compared to the LC counterparts.

Therefore, in this dissertation, solutions for the two major drawbacks of RO-based

clock generators are addressed, and each solution is verified by a prototype chip.
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1.2 Dissertation Objectives

The remaining chapters in this dissertation are organized as follows.

In chapter 2, the fundamentals of the RO-based clock generators, such as an all-

digital PLL (AD-PLL) and an injection-locked clock multiplier (ILCM), are provided.

The phase noise contributions of each building block in AD-PLL are derived, and the

basic analyses on the injection-locking technique are dealt with.

In chapter 3, a RO-based AD-PLL with a self-biased supply-noise-compensation

(SNC) technique for a DDR5 RCD is presented. Considering the prerequisites for

the DDR5 RCD application, the reasons why prior works regarding SNC techniques

are difficult to be applied to the RCD application are briefly examined. And the de-

tailed operations and the design-oriented analyses of the proposed SNC technique

are addressed. The detailed circuit implementations of the RO-based SNC-PLL are

presented, and the measurement results verify the suitability of the proposed SNC

technique to the RCD application.

In chapter 4, an ILCM with a new background calibration technique that utilizes

an intrinsic multi-phase generation capability of the RO is presented. The advantages

and disadvantages of the existing representative background calibration methodologies

are briefly mentioned, and the background on the birth of the proposed multi-phase-

based calibration (MPC) structure is explained. Time-domain analysis of the behavior

of the injection locking in the steady state is presented, and the detailed operations of

the MPC are illustrated with timing diagrams. The detailed circuit implementations of

the RO-based ILCM with the background calibration of the MPC are presented, and

the measurement results verify a low-jitter and low-reference-spur RO-based clock

generator.

Chapter 5 summarizes the proposed works and concludes the dissertation.
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Chapter 2

Background on RO-Based Clock Generator

In this chapter, the fundamentals of two clocking structures that underlie the pro-

posed prototype chips are addressed. The first structure is the PLL that has been

widely adopted to generate an on-chip clock signal for decades. In particular, as CMOS

technology has been scaled, digital PLLs that can achieve the performance equivalent

to analog PLLs while taking advantage of digital signal processing are highly favored.

The first section briefly introduces the concept of the digital PLLs compared with the

analog PLLs and deals with phase noise analysis of each building block. The second

is an injection-locked structure that can achieve a high suppression bandwidth of RO-

induced noises. The second section provides the fundamentals of the injection-locking

architecture and its phase domain response (PDR) which is one of the analytic method-

ologies of an injection-locked oscillator. In addition, the bandwidth extension effect

due to the injection-locking technique is handled through its phase noise analysis.
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2.1 All-Digital Phase-Locked Loop (AD-PLL)

2.1.1 AD-PLL Fundamentals

PFD
Loop 

Filter

Divider

(1/N)

SREF SOUT

err ctrl

Figure 2.1: Negative feedback system of PLL.

Figure 2.1 shows the most simplified block diagram of a PLL structure as a fre-

quency synthesizer. The output clock that is generated from the oscillator is divided by

a multiplication factor (N ) and is fed into a phase-frequency detector (PFD). The PFD

compares its phase/frequency with the reference clock and outputs the corresponding

error information to the loop filter (LF). The LF modulates the oscillator frequency in

the direction of decreasing the phase/frequency errors, thus implementing a negative

feedback system of the entire PLL structure. In the steady-states, the average frequency

of the oscillator becomes N times the frequency of the reference clock, i.e., fosc = N

· fref, and the two input signals of the PFD reach the phase-locked state.

Depending on the type of signals propagated to each building block, an analog

or digital PLL is distinguished. For example, if the phase/frequency error and the

control signal that modulates the oscillator frequency have an analog attribute, the

PLL is considered an analog PLL. For decades of PLL history, an analog charge-pump

(CP)-based PLL has been widely used. Figure 2.2 shows the CP of UP/DN current

sources and the LF constituting the second-order PLL. The PFD controls the operating

time of the respective UP/DN current sources in accordance with the phase/frequency
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UP

DN

Ctrl

LFR

C

Figure 2.2: Charge pump and second-order analog loop filter.

difference between the reference and oscillator clocks. The corresponding charge flows

into or out of the LF and adjusts the control voltage of VCTRL. The amount of charge

is expressed as

∆QLF = IUP · tUP − IDN · tDN (2.1)

, where tUP and tDN are the operating time of the UP/DN current sources, respectively.

Equation (2.1) allows us to infer the important considerations for designing the CP and

the PFD. A current mismatch in the CP causes the static phase offset in the PFD and

the undesired ripple at VCTRL in the steady-state, resulting in degrading a deterministic

jitter and a reference spur performance. Hwang [6] proposed a dual compensation

method that reduces both the current mismatch and the current variations without

sacrificing the output dynamic range. However, a leakage current in the capacitor

cannot be completely eliminated, thus remaining the static phase offsets in the PFD.

Furthermore, the passive elements in the loop filter, along with the charge pump, suffer

from an analog mismatch and have a limitation in that they cannot fully reflect the
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advantages of technology scaling.
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R

C

ICP VCTRL

Z
-1

β 

α 

Bilinear

transform

ErrP,F FCW

Figure 2.3: Bilinear transform from an analog to a digital LF. [7]

On the other hand, the digital PLL facilitates a high-level integration with the

technology scalability and a design migration to the advanced technology process.

Moreover, it is free from the aforementioned leakage current problem and enables

robust performance by providing reconfigurable system parameters. Figure 2.3 shows

the bilinear transformation from the analog LF to the digital loop filter (DLF) that

constitutes a second-order AD-PLL. It consists of a proportional path with a gain

of β and an integral path with a gain of α, which corresponds to R and C in figure

2.2, respectively. Kratyuk [7] proposed a systematic design procedure through the

analogies of CP-PLL and AD-PLL and presented their relationship as follows.

α =
Ts
C

(2.2)

β = R− Ts
2 · C

(2.3)

, where Ts is a sampling period of a discrete-time system which is the inverse of the

reference clock frequency. The frequency warping due to the bilinear transform distorts

frequency response in the vicinity of its Nyquist frequency. However, this deformation

is negligible because the maximum stable bandwidth of the standard type-II PLL is

close to the so-called Gardner’s limit [8], which is one-tenth of the reference frequency,

i.e., fBW ≈ fREF / 10. Through digital transformation, the digital PLL not only sustains
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TDC

1/N

SREF

FCW

Z-1

β 

α 

ΔΣ 

FD
ErrF

ErrP

1/Ndth

SOUT

Figure 2.4: Block diagram of TDC-based digital PLL.

an operating condition by utilizing digital calibrations but also allows fast frequency

acquisition by directly modulating the frequency of a digitally-controlled oscillator

(DCO). However, it increases the design complexity of PD preceding the DLF due to

digitization (sampling and quantization). A time-to-digital converter (TDC) is gen-

erally used to digitize the phase difference of two input clock signals. To imitate

the analog PD that has a theoretically infinite resolution, a high resolution with a

sufficiently wide range is required. Dudek [9] proposed a vernier TDC which has a

sub-gate-delay resolution with an asynchronous read-out circuitry, but it still entails

a large power consumption. In addition, since the TDC has intrinsically single-ended

properties and functions based on delay lines, it is still difficult to obtain a high resolu-

tion with a monotonic characteristic in high-frequency operation. Figure 2.4 describes

a block diagram of the TDC-based digital PLL. The TDC digitizes the phase difference

between the two input clock signals, but cannot perform the frequency acquisition,

requiring an auxiliary frequency tracking loop (FTL) using a frequency detector (FD).

A high-frequency-operating delta-sigma modulator (DSM) is located between the DLF

and the DCO to alleviate the quantization noise of the DCO. The DSM dithers the

fractional bits of the frequency control word (FCW) and contributes to improving

the effective frequency resolution of the DCO by providing a noise-shaping, which

imputes DC noises to high-frequency noises.
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2.1.2 Phase Noise Analysis of AD-PLL

θREF

θn,REF

ΔθPD

1

ΔtPD

Qn,TDC2

Δt ErrTDC

Qn,ΔΣ 3

KDCO

Qn,DCO 4

Δf

5 θn,DCO

1/N

θOUT

FCWΔθ

: fΔΣ domain

FPF

FPF : Frequency Pushing Factor

ΔVSVV6

Figure 2.5: Parameterized noise model of TDC-based digital PLL.

Figure 2.5 shows a parameterized noise model of a conventional TDC-based

digital PLL. It also describes five main noise sources which are θn,REF, Qn,TDC, Qn,∆Σ,

Qn,DCO, and θn,DCO. Each noise source represents the reference clock noise, the TDC

quantization noise, the DSM quantization noise, the DCO quantization noise, and the

DCO clock noise, respectively. TheD stands for a total loop delay taken to process the

phase/frequency errors in the DLF, and them represents the order of the DSM. In order

to distinguish between the two discrete-time domains, the z-domain transfer functions

operated by a dithering frequency are marked. It is noted that D in figure 2.5 has an

implementation difference from the loop delay expressed in [10]. The D is converted

to the DSM dithering period and includes the signal transfer function of the DSM (time

delay in the discrete-time domain, z-m). As explained in section 2.1.1, the phase noise

of the digital PLL can be analyzed similarly to CP-PLL by linear approximation, and
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the open-loop transfer function of the system is expressed as follows.

A(s) =
TREF

2π
· 1

tres,TDC
· (β +

α

1− e−sTREF
) · 2πKDCO

s
· 1

N
(2.4)

, where TREF, tres,TDC, KDCO represent the period of the reference clock [sec], the res-

olution of the TDC [sec], and the gain of the DCO [Hz/code], respectively. Perrott [11]

derived a single function of G(s), and all the relevant transfer functions are described

in terms of G(s).

G(s) =
A(s)

1 +A(s)
(2.5)

Even though the parameterized model in figure 2.5 is not the same as that of [11],

which deals with a fractional-N PLL, the analytical methodology on the phase noise

contribution by using the power spectral density conversion can be applied in the same

way. In the remainder of this section, the quantization noise expressions of the TDC

and the DCO, which are the special properties caused by digitization, are derived, and

the dithering noise of the DSM is also addressed.

Quantization Noises

Assuming that a quantization error is a random variable uniformly distributed in a

finite interval ∆, i.e., from -∆/2 to ∆/2, its quantization noise power is calculated as

∆2/12. The total noise power is uniformly spread over the span from DC to the Nyquist

frequency (the frequency of the reference clock in a PLL case), thus the single-sided

spectral density L is expressed as

L =
∆2

12
· 1

fREF
(2.6)

When it comes to the quantization noise of the TDC, Staszewski [12, 13] derived the

equation of the phase noise spectral density due to the TDC quantization effect. There-
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fore, by using (2.5), the total phase noise contribution due to the TDC quantization is

calculated as follows.

LTDC,Q =
(2π)2

12

(
tres,TDC

TREF

)2 1

fREF
|N ·G(f)|2 (2.7)

The phase noise contribution due to the DCO quantization effect can also be

derived in a similar manner, but it needs to be multiplied by the sinc function cor-

responding to the Fourier transform of the zero-order hold (ZOH) operation. The

model illustrated in figure 2.5 is considered an event-driven system that samples and

corrects the phase/frequency error of the output clock at every reference clock rate.

However, the DCO inputs are not impulses but are held until the next phase/frequency

error is updated [14]. Consequently, the total phase noise contribution due to the DCO

quantization is expressed as

LDCO,Q =
1

12

(
fres,DCO

f

)2 1

f∆Σ

(
sinc

f

f∆Σ

)2

|1−G(f)|2 (2.8)

, where fres,DCO is the resolution of the DCO. However, the DSM effect should be

additionally considered in (2.8). The DSM dithers the fractional bits of the FCW and

arouses the noise-shaping effect, which imputes the DC noises to the high-frequency

noises. Consequently, by implementing the DSM whose operating frequency, f∆Σ,

is much higher than fREF, the effective DCO resolution is greatly improved to be

fres*,DCO = fres,DCO / 2NDSM , where NDSM is the fractional word length of FCW . As a

result, fres,DCO in (2.8) is substituted by the effective resolution of the DCO, fres*,DCO.

LDCO,Q =
1

12

(
fres*,DCO

f

)2 1

f∆Σ

(
sinc

f

f∆Σ

)2

|1−G(f)|2 (2.9)
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DSM Dithering Noise

Despite the advantages of suppressing the quantization noise of the DCO, the

dithering effect itself induces a corresponding noise, which is called a dithering noise

of the DSM. It is noted that the signal transfer function of the DSM is z-m, and the

noise transfer function (NTF) of the DSM is (1 − z-1)m as shown in figure 2.5. The

magnitude of the NTF is calculated as

|NTF of DSM| =
∣∣∣∣2 · sin(w · T∆Σ

2

)∣∣∣∣m =

∣∣∣∣2 · sin(π · f
f∆Σ

)∣∣∣∣m (2.10)

Referring to (2.10), it is inferred that the dithering noise within the frequency range

of interest can be reduced with a sufficiently high f∆Σ. Therefore, the DSM operating

clock is set to the divided 2 or 4 of the output clock which has the highest achievable

frequency in the PLL system. The resulting dithering-induced phase noise is expressed

as follows.

LDSM,dth =
1

12

(
fres,DCO

f

)2 1

f∆Σ

(
2sin

πf

f∆Σ

)2m

|1−G(f)|2 (2.11)

Total Phase Noise of AD-PLL

According to the parameterized model in figure 2.5, the phase noise simulation

conducted by Matlab is shown in figure 2.6. Overall phase noise contributions of each

noise source show a similar response with the analog CP-PLL. In the frequency range

of interest, the in-band phase noises are dominated by the reference clock noise and

the TDC quantization noise, while the out-of-band phase noises are dominated by the

DCO noise. The highly noticeable difference appears in much higher frequency offsets.

Due to the noise-shaping effect of the DSM, the out-of-band phase noise cannot be

completely reduced to -20 dB/dec which is the noise attribute of the oscillator. The

phase noise profile of the free-running DCO is fitted into a general phase noise plot of
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Figure 2.6: Phase noise simulation with fREF of 50 MHz, fOUT of 5 GHz, fDSM of 1
GHz, α of 1/256, β of 1/8, m of 1, tres,TDC of 500 fs, and KDCO of 3 MHz/code.
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an electrical oscillator [15] based on a post-layout simulation result. The coefficients

of 1/f3 and 1/f2 are derived from the phase noise spectral densities of -32.47 dBc/Hz

and -136.44 dBc/Hz at the offset frequencies of 10 kHz and 100 MHz, respectively,

which has a flicker noise frequency of 2.5 MHz. The integrated RMS jitter of 353 fs

from 10 kHz to 40 MHz is calculated. Figure 2.7 shows the compared phase noise

contributions due to the TDC quantization, the DSM dithering, and the DCO quantiza-

tion. One is obtained from the derived equations (2.7), (2.9), and (2.11) and the other

is obtained from the discrete-time parameterized model in figure 2.5. The almost same

results are acquired except for the negligible difference of noise spectral density in the

vicinity of the digital operating frequency, as explained in section 2.1.1.

2.1.3 Effect of Supply Noise in PLL System

In the case of the RO whose operating frequency is determined by logic propa-

gation delays, its frequency is more vulnerable to a supply variation. Therefore, the

effect of an on-chip supply fluctuation in the PLL system is examined by the phase

noise analysis through the parameterized model in figure 2.5.

In figure 2.5, as the sixth noise source, the supply voltage variation (SVV) is de-

picted as ∆VSVV. Although the SVV cannot be regarded as a completely independent

noise source because its actual influence is correlated with the DCO free-running phase

noise, the SVV model in figure 2.5 is constructed through the following two assump-

tions. The first assumption is that the SVV is configured as a white random noise to

generate a static frequency deviation, and the second is that the frequency response

with the SVV has a sufficient bandwidth within the frequency range of interest (up

to 100 MHz). Consequently, the FPF is defined as a scalar that does not change with

respect to the operating frequency, and its value is extracted from the measurement

result of the prototype chip, which will be covered in chapter 3.
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Figure 2.8: Simulated phase noise with supply voltage variation in an oscillator.

Figure 2.8 shows the phase noise plots with FPFs of 3300 MHz/V and 100 MHz/V

at ∆VSVV of 3 mVRMS. The FPF of 3300 MHz/V is derived from a conventional RO

whose frequency is proportional to the supply voltage, and the FPF of 100 MHz/V is

derived from the RO that has an additional logic calibrating the on-chip SVV noise.

The overall phase noise contribution of the SVV noise shows the band-pass character-

istic and it is different from the oscillator’s phase noise characteristic of high-pass fil-

tering because there is an integrator in the frequency-to-phase conversion. Intuitively,

a high-frequency noise becomes averaged out via the integrator. The SVV noise with

the FPF of 3300 MHz/V deteriorates the overall PLL performance over the entire

frequency range (in-band and out-band). However, the SVV noise with the FPF of

100 MHz/V is significantly attenuated. The integrated RMS jitters from 10 kHz to 40

MHz are calculated to be 14.45 ps and 562.5 fs, which are about 40.9 times and 1.6

times the noise-free RMS jitter. According to the simulation, the on-chip calibration of

reducing the FPF from 3300 to 100 MHz/V improves the integrated jitter by 28.2 dB.
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2.2 Injection-Locked Clock Multiplier (ILCM)

2.2.1 Basics of Injection-Locked Oscillator (ILO)

The injection-locking phenomenon is a kind of coupling that two different systems

affect each other with a shared medium. As early as the 17th century, the Dutch

scientist Christiaan Huygens noticed that the pendulums of two clocks on the wall

moved in unison if the clocks were hung close to each other [16, 17]. Injection locking

has been used in a number of applications, including frequency synthesizers (clock

multipliers) [18, 19, 20, 21], frequency division [24, 25], clock recovery [22, 23],

clock de-skewing as delay-controlling elements [26, 27], and so forth. In terms of

an injection-locked oscillator (ILO), Adler [28] first developed a phasor diagram and

derived the rate of phase rotation of the ILO, and Razavi [17] derived a graphical

analysis in time and frequency domains and formulated the behavior of phase-locked

oscillators under injection. And these principles underlie the detailed approach to

a recent injection-locking analysis [29, 30]. To understand the concept of injection

locking and to comprehend an underlying ILO model, formulas for an injection lock

range and a phase shift are derived through the phasor diagram [17] in this section.

The phasor diagram is a graphical representation of the phase relationship de-

scribed on a coordinate system. Sinusoidal signals with the same frequency have

a phase difference between themselves and the lead/lag phase information can be

visualized in the phasor domain. In addition, using the rotating vector method, the

phasor diagram is also applicable for expressing signals with slightly different fre-

quencies. Figure 2.9 shows a simplified open-loop characteristic of a LC oscillator

with a resonance frequency of ω0 =
√
LC and suppose an injection signal is inserted

into the free-running oscillator and it makes an additional phase shift, ϕ0, in LC tank

as shown in figure 2.9(b). Then, the LC oscillator may oscillate at ωINJ rather than ω0

and injection locking occurs, if the injected signal is within the injection lock range
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and has enough amplitude. Under the injection-locked condition, the phasor diagram

can be derived as shown in figure 2.10. With ω0 ̸= ωINJ, the VOUT rotates with respect

to the VINJ. The instantaneous phase difference between VOSC and VINJ is defined as θ

and the resultant phase difference between VOUT and VOSC is ϕ0.

ω ω0 ωINJ

ω 

Mag[H]

Phase[H]
ϕ0

LC tank

L C Rp

(a) (b)

Figure 2.9: (a) Second-order parallel LC tank and (b) its open-loop characteristic.

VINJ

VOSC VOUT VOUTVOSC

VINJ

(a) (b)

θ

ϕ0

ϕ0

θ

Figure 2.10: Phasor diagram with different frequencies between ωOSC and ωINJ.
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A phase shift in the second-order parallel tank of figure 2.9(a) is expressed as

α =
π

2
− tan−1

(
Lω

R
·

ω2
0

ω2
0 − ω2

)
(2.12)

By approximating ω2
0 − ω2 ≈ 2ω0(ω0 − ω) and applying the quality factor of Q as

Lω/R = 1/Q, the equation (2.12) is expressed as

tan α ≈ 2Q

ω0
(ω0 − ω) (2.13)

If the injected signal contains a phase modulation, i.e., SINJ = VINJ·cos[ωt+ψ(t)], then

the instantaneous injection frequency is ω+ dψ/dt and the equation (2.13) is replaced

with

tan α ≈ 2Q

ω0
(ω0 − ω − dψ

dt
) (2.14)

The equation (2.14) is valid for narrow-band phase modulation (slowly-varying ψ),

this approximation holds well for typical injection phenomena [17].

LC tank

SINJ

VINJ · cos(ωINJt)

SX
SOUT

VOUT · cos(ωINJt + θ )

Figure 2.11: LC-ILO model with a feedback system.

A LC oscillator under the injection locking can be modeled by using a feedback

system as shown in figure 2.11. The output, SOUT, is represented by a phase-modulated

signal having a carrier frequency of ωINJ, and the time-varying θ is derived from the
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model shown in figure 2.11. The output of the adder, SX, is expressed as

SX = VINJ cos ωINJt+ VOUT cos (ωINJt+ θ) (2.15)

SX = (VINJ + VOUT cos θ) cos ωINJt− VOUT sin θ sin ωINJt (2.16)

Since the phase quantities do not satisfy superposition, the equations (2.15) and (2.16)

cannot be separately subjected to the tank. By usingA· cos ωt +B· cos ωt =
√
A2 +B2

· ( cos (ωt+ C)), where tan C = B/A, the equation (2.16) is replaced by

SX =
(VINJ + VOUT cos θ)

cos ψ
· cos (ωINJt+ ψ) (2.17)

tan ψ =
VOUT sin θ

VINJ + VOUT cos θ
(2.18)

Since cos ψ = (
√

1 + tan 2ψ)−1, SX is written as

SX = VOUT cos (ωINJt+ ψ) (2.19)

SX is fed into the LC tank and the phase shift corresponding to equation (2.14) is made.

SOUT ≈ VOUT cos
{
ωINJt+ ψ + tan −1

[
2Q

ω0

(
ω0 − ω − dψ

dt

)]}
(2.20)

Equating equation (2.20) to SOUT, the relationship between ψ and θ can be derived as

ψ + tan −1

[
2Q

ω0

(
ω0 − ω − dψ

dt

)]
= θ (2.21)

It follows the results of the behavior of ILOs with the lock range ωL.

dθ

dt
= ω0 − ωINJ − ωL sin θ (2.22)
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2.2.2 Phase Domain Response (PDR) Analysis

Denwell [31] developed a phase domain response (PDR) analysis to define a phase

response of an ILO to an injection signal with P . The injection signal makes the phase

of the ILO, θ(t), be shifted by P , and this phase shift, P , depends on the input phase

difference, ϕIN(t) between the phase of the ILO, θ(t), and the phase of the injected

signal, θINJ(t).

ϕIN(t) = θINJ(t) − θ(t) (2.23)

The following ILO model is formulated under the assumption that the injection signal

generates an immediate phase change in θ(t) by P (ϕIN).1 Moreover, the free-running

frequency of the ILO is kept as ω0, and the frequency difference, ∆ω, causes an

additional phase deviation of 2π∆ω/ω0 in each injection period. In other words, the

frequency difference keeps generating the phase deviation, and the phase shift gener-

ated by the injection signal, P (ϕIN), and the phase deviation of 2π∆ω/ω0 reaches an

equilibrium in the steady state.

SOSC

SINJ
ϕOUT

ϕIN

Desired 

locking point

ϕOUT

ϕIN

(a) (b)

ϕOUT = β·ϕIN

Linear approx.

ϕOUT = P(ϕIN)

Figure 2.12: (a) Concept of PDR of the ILO and (b) PDR curve.

1It is generally known that it takes some time for the phase shift corresponding to the input phase
difference to be reflected. However, the simulated result in figure 4.19 exhibits that the phase shift is
caused right after the injection signal, thus allowing the post-injection phases to be used to detect the
phase shift. The detailed explanation will be addressed in chapter 4.
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Figure 2.12(a) illustrates the PDR of the ILO. Assuming that SINJ pushes or pulls

into its zero-crossing point (virtual ground), the phase shift, ϕOUT, caused by SINJ is a

function P of the input phase difference between SOSC and SINJ, ϕIN, which is depicted

in figure 2.12(b) as a PDR curve. The desired injection-locking point is the origin,

where both the input phase difference and the corresponding phase shift are zero. In

the vicinity of the origin, the linear approximation can be applied, thus replacing P

with a scalar value of β called an injection strength.

Since the phase shift occurs at every injection rate, a phase of the ILO, θ(t), can be

treated as a discrete-time model, θ[k] of the k-th injection. Hence, the equation (2.23)

becomes

ϕIN[k] = θINJ[k] − θ[k] (2.24)

When the ILO is injection-locked without any frequency deviation, i.e., ∆ω =0, the

change in ϕIN is only determined by P .

ϕIN[k + 1] = ϕIN[k] − P (ϕIN[k]) (2.25)

Now suppose an injection-locked clock multiplier (frequency synthesizer), where the

desired angular frequency of the ILO, ωILO, is the N times the angular frequency of

the injection signal, ωINJ, such that ω0 = N · ωINJ. However, if the angular frequency

deviates from the ideal value by ∆ω, ∆ω is expressed as

∆ω = ω0 −N · ωINJ = 2π∆f (2.26)

Since the period difference corresponding to ∆f , ∆T , has a relationship of ∆T ≈

−∆f / f2
0 , the accumulated phase change from the k-th injection to the [k + 1]-th

injection affects the [k + 1]-th input phase difference, ϕIN[k + 1]. Then, the equation
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(2.25) is replaced by

ϕIN[k + 1] = ϕIN[k] − P (ϕIN[k])− 2πN∆ω

ω0
(2.27)

The equation (2.27) is derived as a reference of every k-th phase of the injection signal.

If the injection signal has a cycle-to-cycle jitter such that,

∆θINJ[k] = θINJ[k + 1] − θINJ[k] (2.28)

the equation (2.27) is finally replaced by

ϕIN[k + 1] = ϕIN[k] − P (ϕIN[k])− 2πN∆ω

ω0
+∆θINJ[k] (2.29)

The equation (2.29) can be expressed in terms of the phase of the ILO, θ[k], with

substituting the equation (2.24) to the equation (2.29), resulting in

θ[k + 1] = θ[k] + P (ϕIN[k]) +
2πN∆ω

ω0
(2.30)

This non-linear phase relationship in PDR analysis is described in a discrete-time

phase model as shown in figure 2.13.

θINJ
Δθ

P() θOUT[k+1]

θOUT[k]

Figure 2.13: Discrete-time non-linear phase model of the ILO having ∆ω.
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Phase Shift in Steady State

The equations (2.29) and (2.30) provide a straightforward insight into the injection-

locking in the steady state. When it reaches the injection-locked condition, the ILO and

the injection signal are settled with a certain phase relation. The instantaneous input

phase difference, ϕIN, converges to the value of ϕIN[SS] such that

ϕIN[SS] := lim
k→∞

ϕIN[k + 1] = lim
k→∞

ϕIN[k] (2.31)

Then, both ϕIN[k + 1] and ϕIN[k] become ϕIN[SS] in the steady state, hence the

following phase relationship between the ILO and the injection signal is derived from

the equation (2.29).

P (ϕIN[SS]) = −2πN∆ω

ω0
(2.32)

The equation (2.32) indicates that the phase shift caused by the injection signal and the

accumulated phase deviation resulting from ∆ω are in equilibrium. Through a linear

approximation in the vicinity of the injection-locked position, ϕIN[SS] in the equation

(2.32) is expressed with an injection strength, β, as

ϕIN[SS] = − 1

β
· 2πN∆ω

ω0
(2.33)

In other words, the static phase offset corresponding to the frequency error between

the ILO and the injection signal is produced in the steady state and is inversely propor-

tional to β. It deteriorates a system performance in specific applications adopting the

ILO as a clock de-skewing and a delay-controlling element. Even in a clock multiplier

(frequency synthesizer), the instantaneous frequency deviation corresponding to the

static phase offset is observed at every injection, thus degrading a reference spur

performance.
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2.2.3 Phase Noise of ILCM

Free-running
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PLL
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Injection-Locked Clock Multiplier
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Pulse Gen.SREF
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fBW1

SINJ
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(b)

Figure 2.14: Conceptual phase noise comparison between the digital PLL and ILCM.

Figures 2.14(a) and 2.14(b) show the conceptual block diagram and the phase

noise plot of the conventional digital PLL and the ILCM, respectively. The injection

signal periodically cleans accumulated oscillator-induced noises, hence the ILCM can

achieve a higher suppression bandwidth than that of a conventional digital PLL. Ye

[32] developed a theoretical analysis and derived the transfer functions of the phase

realignment of the ILO noise and the up-conversion of the reference noise. It is also

assumed that the phase shift (in [32], this is called as ’phase realignment’) is linear

with respect to the instantaneous phase error by a factor of β which is the same

as the injection strength in PDR-based analysis. To prevent confusion in notations,
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the overlapped parameters in the following equations are used as the same notation

described in section 2.2.2. The instantaneous ILO phase error, θINST(t) is given by

θINST(t) = θ(t) + ϕ(t). (2.34)

, where the θ(t) is the ILO phase error and ϕ(t) is the accumulated phase shift caused

at each injection period. The input phase difference, ϕIN[k] is represented as

ϕIN[k] = θINST(kT−
REF) −NθINJ(kTREF). (2.35)

, where t = (kT−
REF) denotes the time instant just before the k-th injection edge.

 

Φ(t)

 

(k-2)TREF kTREF (k+2)TREF

 

 

ϕOUT[k]
Φ(t)

(k-2)TREF kTREF (k+2)TREF

 
 

ϕOUT[k+2]

Figure 2.15: Extra phase shift due to the phase realignment [32].
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The injection-locking model is similar to the model of the PDR-based analysis, but

Ye [32] derived those transfer functions in a continuous-time domain by using a phase

error integrator. In other words, the phase shift generated at every reference period is

accumulated (phase error integrator) and the k-th phase shift is held between kTREF

and (k + 1) TREF, as shown in figure 2.15. As shown in figure 2.15, the phase shift,

ϕ(t), is expressed as a phase error integrator and is developed with a ’hold’ operation,

with a new notation ϕ∆[k] := ϕ(kT+
REF).

ϕ(t) = −β
∞∑

k=−∞
ϕIN[k] · u(t− kTREF). (2.36)

ϕOUT[k] = −βϕIN[k] = ϕ∆[k] − ϕ∆[k − 1]. (2.37)

ϕ(t) =
∞∑

k=−∞
ϕ∆[k] · hhold(t− kTREF). (2.38)

, where hhold(t) = u(t) - u(t − TREF) is the impulse response of the hold operation.

Taking the Fourier transform of the equation (2.38) yields

ϕ(jω) = TREF · e−jωTREF/2 · sin(ωTREF/2)
ωTREF/2

· ϕ∆(z)
∣∣∣
z=ejωTREF

. (2.39)

, where ϕ∆(z) is the z transform of ϕ∆[k]. Combining the equations (2.35) and (2.37)

and taking z transform, it results in

ϕ∆(z) =
−β

1 + (β − 1)z−1
· θ(z) +

Nβ

1 + (β − 1)z−1
· θINJ(z). (2.40)

Combining the equations (2.34), (2.39), and (2.40), yields

θINST(jω) = θ(jω) ·Hrl(jω) + θINJ(jω) ·Hup(jω) (2.41)
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, where

Hrl(jω) = 1− β

1 + (β − 1)e−jωTREF
· e−jωTREF/2 · sin(ωTREF/2)

ωTREF/2
. (2.42)

and

Hup(jω) =
Nβ

1 + (β − 1)e−jωTREF
· e−jωTREF/2 · sin(ωTREF/2)

ωTREF/2
. (2.43)

, where Hrl(jω) and Hup(jω) are the transfer functions of the phase realignment of

the ILO noise and the up-conversion of the injection signal noise, respectively. In

accordance with the results in the equations (2.42) and (2.43), the linearized phase

noise model of the ILCM is achieved as shown in figure 2.16. The simulated NTFs of

the reference noises and the oscillator-induced noises of the model in figure 2.16 are

shown in figure 2.17. All parameters are the same as figure 2.6 except for injection

strength variations. As explained, the loop bandwidth is further extended with a larger

β.

KCHP Hlp(s) KVCO/s Hrl(s)

Hup(s)

θn,DCO

1/N

θREF θOUT

HUP(s) : up-conversion transfer function of the reference noise

Hrl(s) : phase-realignment transfer function

θdiv & θCHP

Figure 2.16: Phase noise model of the ILCM including transfer functions of the phase
realignment of the ILO noise and the up-conversion of the injection noise.
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Chapter 3

Self-Biased Supply-Noise-Compensating RO

3.1 Overview

This chapter presents an AD-PLL for a DDR5 RCD application with a self-biased

supply-noise-compensation (SNC) technique [33]. By combining two Nagata current

sources that have opposite dependencies on supply variations, it offers a constant

current to a RO over a wide range of supply voltage. Thereby, the deterministic jitter

caused by the dynamic voltage droop due to workload transition is compensated while

a static voltage margin for mass production is improved. Since the proposed SNC

technique operates independently of the PLL loop bandwidth without using feedback,

the AD-PLL with the SNC-RO is free from the stability problem associated with

bandwidth overlapping. Furthermore, the SNC technique is adaptable to applications

that have a noisy reference clock, since it has an open-loop calibration characteris-

tic. Quantitative analyses on static and dynamic characteristics of the proposed SNC

technique and relevant design-oriented considerations are addressed. In addition to the

SNC technique, the design of an auxiliary frequency tracking loop (A-FTL) to meet the

stabilization time of the RCD application and the design of a TDC-PFD considering an

input jitter specification are also presented. Fabricated in the 28-nm CMOS technology,

the AD-PLL occupies an active area of 0.06 mm2 and consumes 12.1 mW at 3.0 GHz
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with a 1.1 V supply voltage. The power-supply-noise-attenuation (PSNA) is measured

as 40 dB with a 300 kHz single-tone noise frequency and retains over 35 dB up to

3 MHz. The integrated RMS jitter of 271 fs from 100 kHz to 500 MHz is achieved,

which translates to a jitter-and-power figure of merit (FoMJITTER) of –240.5 dB.

Rest of this chapter is organized as follows. Section 3.2 introduces design motiva-

tions along with essential requirements for the SNC in the DDR5 RCD application and

prior works regarding the SNC technique. Section 3.3 focuses on the design aspects

and the detailed design-oriented analyses of the proposed self-biased SNC-RO. The

circuit implementations of building blocks are described in section 3.4. The measure-

ment results from the prototype chip are presented in section 3.5. Finally, the key

contributions of this chapter are summarized in section 3.6.
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3.2 Design Motivation

3.2.1 Design Consideration of SNC for RCD application

The RCD performs the role of buffering the command and address bus, chip se-

lects, and clock between the host controller and the DRAMs in server memory modules

[4, 5]. Figure 3.1 shows the block diagram of registered dual inline memory modules

(RDIMMs). It solves address and command loading problems and enables server and

client computing system to deal with the most demanding workloads. One of key

challenges of designing the PLL in the RCD is responding to the sudden voltage droop

due to workload transitions. This non-ideal supply can cause performance degradation

or functional failures [34]. The power-efficient method to suppress supply-induced

noises in oscillators is increasing the PLL loop bandwidth, but the narrow bandwidth

is preferred in the RCD to filter out an input reference clock noise. According to the

input clock differential jitter specification in [5], the maximum one-period jitter is as

large as 0.14 UI at the bit error rate (BER) of 1E -16, the PLL bandwidth cannot

be arbitrarily increased, thereby requiring an additional technique for suppressing the

supply-induced noises.

The essential prerequisites for designing SNC-PLL in the RCD application are as

follows. First of all, the SNC technique should be independent of the signal quality

of the input reference clock. As mentioned above, since it has a noisy input reference

clock, the PLL in the RCD plays a role in filtering out the input clock noises. Therefore,

the reference clock cannot be used as a criterion for detecting supply fluctuations.

The second requirement is a sufficient static voltage margin within all operating con-

figurations. The RCD can use the DIMM operating speed control word to optimize

its functionality and performance at low voltage conditions [5]. To support its lower

voltage mode and secure its stable functionality over process, voltage, and temperature

(PVT) variations for mass production, a sufficient voltage margin is required. The
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Figure 3.1: Block diagram of registered DIMM.

third prerequisite is a sufficient SNC bandwidth for responding to dynamic voltage

droops. The unwanted supply fluctuation due to the workload transition or the res-

onance between the package/bonding inductance and on-die decoupling capacitance

may cause supply variations up to 10-15 % from the nominal supply voltage [34, 35].

Even though there is a large droop of about –100 mV during 3 µs, the clock omission

has to be prohibited and the clock drift should be low enough with a sufficient tracking

bandwidth. Lastly, it has to meet a stabilization time of 3.5 µs [5], even if the SNC

technique needs a training procedure for a foreground calibration or affects the PLL

locking time.

3.2.2 Prior Works Regarding SNC Techniques

The output jitter of the RO-based PLL is much affected by supply fluctuation.

Such an effect is called a high frequency pushing (FP), i.e., a high supply sensitivity.

To minimize the FP, a low-dropout regulator (LDO) with a high-gain suppression is

commonly used [36, 37, 38, 39], but conventional regulation techniques using the
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Figure 3.2: SNC technique proposed in [42].

LDO suffer from the fundamental limitation that the bandwidth of the LDO should

be much wider than the PLL bandwidth to achieve the desired supply rejection [40].

In addition, the LDO supporting a wide operating range increases power consumption

and increases the PLL’s random jitter by 2-3x [41]. Therefore, several SNC techniques

without using the LDO have been proposed [42, 43, 44, 45]. However, these prior

SNC techniques cannot satisfy all of the prerequisites for the SNC-PLL in the RCD

application described in section 3.2.1. In this section, why they are unacceptable in the

RCD application will be addressed.

Yeh [42] proposed a background supply-noise-cancellation controller that has a

ripple detector and low-bandwidth control logics. By using a finite state machine that

compares the before and after integral codes in the DLF during a finite interval (5.24

ms in [42]), the ripple detector controls the current digital-to-analog converter (DAC).

This solution requires a long calibration time and may violate the stabilization time of

the RCD because the stable ripple value must be stored at least once when the PLL
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Figure 3.3: SNC technique proposed in [43].
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Figure 3.4: SNC technique proposed in [44].

reaches the steady state. Another background calibration was proposed by Elshazly

[43]. A low-frequency deterministic digital test signal is injected into the oscillator
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Figure 3.5: SNC technique proposed in [45].

supply and the gain of the cancellation currents is adjusted by the correlated integral

code. However, the SNC techniques using background calibration in [42, 43] have a

crucial defect. Their mechanisms of detecting the supply noise rely on the integral

code of the DLF whose ripple or correlation value is considered to have originated

from the supply noise. Therefore, they could rather aggravate deterministic jitter in

applications that do not use a clean reference clock. Nagam [42] proposed a feed-

forward noise cancellation (FFNC) that leverages the available sub-sampling phase

detector (SSPD) to extract the noise with high sensitivity. The noise cancellation block

(NCB) can be constituted independently of the PLL loop bandwidth, but the amount

of suppression is limited by the range of variable delay lines in the NCB. Furthermore,

it is unacceptable in noisy-reference applications as well. In [45] proposed by Wu, a

supply noise is filtered by providing high impedance to the RO, but stacked thick-oxide

MOSFETs for gain boosting require a high supply voltage of 1.6 V for reliability and

necessary voltage headroom.



CHAPTER 3. SELF-BIASED SUPPLY-NOISE-COMPENSATING RO 38

3.3 Proposed Self-Biased SNC-RO

3.3.1 Principle of Nataga Current Source

Figure 3.6(a) shows a peaking current mirror called Nagata current source (CS)

[46]. Unlike a conventional current mirror, the resistorR is added between the gate and

the drain of the diode-connected MOSFET MIN. As the input current IIN increases, a

voltage drop across the resistor IIN*R increases, resulting in the decrease in gate-

source voltage of MOUT. Therefore, the output current IOUT exhibits a peak with re-

spect to IIN as shown in Fig. 3.6(b). When a system is biased at the vicinity of the peak,

the constant output current against supply variations can be achieved. However, such

an optimum bias point is very narrow, so parallel combinations of Nagata CSs with

different peak positions were proposed [47, 48] in order to overcome the drawback of

a single Nagata CS.
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IOUT

IIN [mA]

I O
U

T
 [
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A
]
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0
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Figure 3.6: Circuit description and operation of Nagata CS.
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3.3.2 Circuit Description of Self-Biased SNC-RO

Figure 3.7 describes the proposed SNC-DCO supporting a power-down mode. It

consists of a bias voltage generator (BVG), a 10-bit digitally-controlled frequency-

tuning block as current mirrors, and a 4-stage differential RO. The unit frequency-

tuning cell (FTC) is composed of only two CSs, M1 and M2, to perform the SNC

function using as few devices as possible. This is because the larger the number of

CSs and series resistors in the BVG is, the less the voltage headroom and the lower

the overdrive voltage of CSs become, which disrupts the wide band operation and

aggravates phase noise performance. The frequency of the SNC-DCO is determined

by the number of the activated FTC, and M6 works by the digital switch. It is noted

that the low threshold voltage (LVT) active device is used at M2 to secure the voltage

margin for its operating condition. In addition, two additional MOSFETs of M4 and M5

are employed to support the power-down mode. When SPDN is activated as a logical
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Figure 3.8: (a) Static and (b) dynamic characteristics of SNC-DCO.

zero, M5 is turned off and M4 is turn on, thereby the bias voltages V1 and V2 become a

logical high and all of FTCs are turned off.

To keep a constant current despite the supply fluctuation, two currents with positive-

and negative-supply dependency are added. As the supply voltage goes higher by

amount of ∆VVDD, the current flowing through the BVG IBIAS increases. Then, the

bias voltages V1 and V2 increase by the corresponding IR drop across the resistor R1

and (R1 + R2), respectively, since M5 also works by the switch and the drain voltage

of M5 is approximately the same as ground. When ∆V1 is smaller than ∆VVDD and

∆V2 is bigger than ∆VVDD, the changes of overdrive voltages of M1 and M2 have

an opposite polarity. Thus, if transconductances of M1 and M2 in the vicinity of the

nominal voltage VDDNOM are designed for the change of each current to have the

same magnitude and the opposite polarity, they make the FP converge to zero.

Figure 3.8(a) illustrates the aforementioned DC characteristic. The summation

IDCO of I1 and I2, which are proportional and inversely proportional to the supply

voltage variations, respectively, shows a tendency to be insensitive to the supply vari-
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ations in the vicinity of the nominal voltage. The longer the supply range where the

absolute values of the derivatives of I1 and I2 are kept the same, the wider the supply

range becomes where the minimum FP is maintained, thereby further improving the

static voltage margin. Figure 3.8(b) shows a transient simulation result of the frequency

trend of the free-running DCO when a step function is applied to VDDDCO to estimate

its dynamic response. It shows a high-pass characteristic with a tracking bandwidth

of about 20 MHz. On the other hand, in the case of SNC-free DCO, the frequency

increases in proportion to the supply change. Comparing the amount of frequency

change after about 10ns, the enhanced FP of about 20 MHz/V is observed in the SNC-

DCO, while the FP of the SNC-free DCO is about 3800MHz/V. The SNC technique

improves the FP by 45 dB.
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3.3.3 Design-Oriented Analysis

The previous studies employing a Nagata CS [47, 48] focus only on generating a

constant reference current and conducting the large-signal analysis. However, in the

design of the FTC of the proposed SNC-DCO, the amount of noise suppressions, the

SNC-operating bandwidth, and the phase noise contribution due to the SNC technique

are additionally considered as well as keeping the constant DC current. Therefore, in

this section, the design-oriented determination of the design parameters of the SNC-

DCO and the additional considerations regarding the SNC in the RO are addressed.

Moreover, the quantitative analyses of the SNC performance metric of the power-

supply-noise-attenuation (PSNA) are discussed in detail.

Vt

It

roC2

R2

C1

R1

Cgs3

Cgd3

V1 V2

Figure 3.9: Small-signal circuit of the BVG.
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Determination of Design Parameters: FP

The FP in an oscillator refers to a frequency sensitivity to fluctuations in the power

supply voltage and is given as

FP =
∆Freq.

∆V DD
=

∆Freq.

∆IDCO
· ∆IDCO

∆V DD
(3.1)

,where IDCO is the current flowing into the DCO. The IDCO is determined by the two

CSs, as illustrated in figure 3.7, and the resulting change in IDCO due to a fluctuation

in supply voltage is expressed as

∆IDCO

∆V DD
= gm1 ·

(
1− ∆V1

∆V DD

)
+ gm2 ·

(
1− ∆V2

∆V DD

)
(3.2)

,where gm1 and gm2 are the transconductances of the two CSs, respectively. According

to (3.2), the SNC performance is derived from the dynamic aspect of bias voltages V1

and V2 through the small-signal model of the BVG.

Figure 3.9 shows the small-signal circuit of the BVG. C1 and C2 represent the

entire capacitance between bias voltages and the supply, including parasitic and on-

chip decoupling capacitances. It is noted that two MOSFETs for the power-down mode

M4 and M5 in figure 3.7 are omitted in the analysis because M4 is turned off in the

normal operation and the drain of M5 become a ground. With an approximation of

Cgd3+C2≈C2, the respective small-signal transfer functions of the bias voltages V1 and

V2 are expressed as

∆V2
∆V DD

=
s2 + (N + gm

C2
)s+ (R1+R2)(1+gmro)

R1R2roC1C2

s2 +Ns+ R1+R2+ro
R1R2roC1C2

(3.3)

∆V1
∆V DD

=
R1

R1 +R2 + sC1R1R2
· ∆V2
∆V DD

+
sC1R1R2

R1 +R2 + sC1R1R2
(3.4)
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,where N = C2ro(R1+R2)+C1R1(ro+R2)
R1R2roC1C2

, gm and ro are the transconductance and the

output resistance of M3, respectively. To achieve the minimum FP at the quiet (DC)

voltage, the desired transconductance ratio of the two CSs is derived from (3.2), (3.3),

and (3.4) as
gm1

gm2
=
gmro(R1 +R2)− ro
R2 + ro −R1gmro

(3.5)

Determination of Design Parameters: Phase Noise

The resistances of R1 and R1+R2 determine the location where the peak current

of each CS is located [48]. The simulated result of R variations in figure 3.6 is shown

in figure 3.10. A higher resistance value leads to a higher IR drop across the resistor,

which makes the peak current location appear at the lower input current IIN. And the

corresponding DC bias voltages V1 and V2 decide the sizes of M1 and M2 according to

(3.5).

IIN [mA]

I O
U

T
 [
μ

A
]
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Figure 3.10: Nagata CS dependency with R variations.
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Figure 3.11: Phase noise at 1 MHz offset frequency with a change in IBIAS.

Even at the same DC bias voltage of V1 and V2, the phase noise contribution

varies depending on the bias current IBIAS. Figure 3.11 shows the phase noise at the 1

MHz offset frequency with the change in IBIAS, while the bias voltages V1 and V2 are

kept constant. The x-axis represents the current of IBIAS normalized by the designed

value of about 1.04 mA, which is 36.5% of the current flowing to the RO at a 2 GHz

operation. The phase noise contribution of the BVG is assessed from the difference

from the dotted line representing -10 dB/dec. When IBIAS is low, the phase noise is

improved in proportion to the increase of IBIAS. However, as IBIAS increases, the phase

noise improvement diminishes. These observations indicate that the dominant phase

noise contribution is relatively transferred from the BVG to the two CSs and the RO.

Therefore, the adequate current value of IBIAS must be determined comprehensively

considering a power budget, the desired jitter constraint, and a loop bandwidth.
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Determination of Design Parameters: SNC-Operating Bandwidth

The capacitances C1 and C2 are the key parameters for determining the SNC-

operating band. They are comprised of a gate-source capacitance and a junction capac-

itance of the CSs and the decoupling capacitance between the bias node and the supply.

In this design, the sizes of two CSs and the number of decoupling capacitors are the

same, thus the total capacitance viewed from each node, C1 and C2, are approximately

identical as CBIAS with symmetric routing and placement. The dominant pole of the

transfer function of (3.2) with a change of CBIAS is shown in figure 3.12. It shows that

the larger the CBIAS is, the lower the dominant pole frequency becomes. Since it is

assumed that an analog supply to be assigned to this AD-PLL is filtered by the 1st-

order RC filter with a cutoff frequency of 1.59 MHz like a DDR4 RCD case [4], the

desired dominant pole is located above the cutoff frequency.
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Figure 3.12: Location of dominant pole frequency of (3.2) with variations of CBIAS.
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Figure 3.13: (a) Magnitude and (b) phase of the transfer function of PNSADCO.

PSNA

One of the performance indicators for suppressing a supply-induced noise is the

PSNA. The PSNA of the DCO is expressed as

PSNADCO =
∆IDCO

∆IDCO,conv
(3.6)

, where ∆IDCO,conv is the current flowing into an oscillator that is proportional to

the supply fluctuation in the conventional control group. The transconductance of the

conventional control group is set as 2 · IRO/VOV, which is the same operating point

as that of the SNC-DCO, and it is assumed that the change of the overdrive voltage is

proportional to the supply variations. Figure 3.13 describes the PSNADCO and shows

+20 dB/dec noise suppression characteristic in the interesting frequency band up to 10

MHz.
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3.3.4 Evaluation on Suitability in RCD application

The proposed SNC technique has a variety of advantages. First of all, it does not

require an additional feedback system for the SNC. Therefore, the proposed SNC-PLL

is free from the stability issue, and the SNC-operating bandwidth is not limited by the

frequency of the reference clock. In other words, the proposed SNC technique can be

accepted regardless of the frequency of the reference clock and the same SNC perfor-

mance can be maintained no matter what the PLL loop bandwidth is even in different

configurations such as DDR5-3200, DDR5-4800, and so forth. The second advantage

is that the SNC performance does not be affected by the quality of the reference clock,

since it is the open-loop calibration conducted in the RO itself. In addition, it is able

to detect the supply fluctuations directly through the self-biased BVG, whereas the

background calibrations [42, 43] detect the supply variation indirectly through the

integral code in the DLF as discussed in section 3.2.2. Therefore, the possibility of

a malfunction of incorrect calibration due to a large ripple in the integral code for

reasons other than the supply noise is completely prevented.

However, it cannot always be in the complete same SNC-operating condition

over process and temperature variations. Figure 3.14(a) shows the current flowing into

the RO, IDCO, with the skewed corners (FS and SF) and the nominal corner (NN).

The respective optimum bias points with the different corners are located where their

derivative is equal to 0 and they slightly deviate from the nominal voltage of 1.1 V.

This is because the peak current location of I2 moves back and forth with respect

to process variations, and the desired transconductance ratio from (3.5) changes. For

example, in the case of the SF corner with all design parameters of the NN corner, the

output resistance of M3 in the BVG, ro, has the relatively lower value, so that the bias

voltage of V2 is set as a relatively high voltage that is corresponding to (R1+R2)*IBIAS.

According to figure 3.10, it makes the peak current of I2 become located at the lower
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Figure 3.16: Frequency of the SNC-DCO with temperature variations.

supply and the desired transconductance ratio of (3.5) decreases. Accordingly, the

optimum bias region of the SF corner with the given design parameters is positioned

at a lower supply than that of the NN corner. The respective I1 and I2 with the skewed

corner variation is shown in figure 3.14(b) and (c). With the respect to each current at

the given supply voltage, they compensate each other by themselves, which alleviates

the amount of the total current variation. Figure 3.15 is the frequency of the free-

running DCO with corner variations, which is normalized into 2.0 GHz, since the

average frequency is locked at the target frequency by the PLL behavior. Similar to

figure 3.14, in the FF and SF cases, the flat region goes toward the lower supply than

the nominal voltage, while it goes toward the higher supply in the FS and SS cases.

Even though it has corner variations, the worst FP at the SS corner is simulated as

595 MHz/V, which is about a 15dB improvement compared to the FP of 3300 MHz/V
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in the SNC-free DCO. It also has robustness against temperature variations [47, 48].

Figure 3.16 shows the frequency of the free-running DCO with temperature variations,

which is also normalized into 2.0GHz for the same reason. The FP with moderate

temperature variations from 20 °C to 75 °C is lower than 450 MHz/V, which is a 17.3

dB improvement.
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Figure 3.17: (a) Start-up simulation and (b) time trend of V2 with a supply voltage
ramp of 100 ns.
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Lastly, it does not need a start-up circuit and does not deteriorate the stabilization

time for the SNC. Of course, it needs an additional time for the bias voltages V1 and V2

to be settled after the stable supply is provided. Figure 3.17(a) is the start-up simulation

of the SNC-DCO and figure 3.17(b) is the time trend of the bias voltage of V2 with a

supply voltage ramp time of 100 ns. The SNC-DCO starts to oscillate from about 50

ns and it requires an additional time of about 40 ns for the bias voltages to fulfill their

own SNC function.
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Figure 3.18: Overall architecture of AD-PLL with SNC-DCO for RCD application.
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3.4 Circuit Implementation

3.4.1 Overall Architecture

The overall architecture of the proposed AD-PLL is shown in figure 3.18. Fre-

quency and phase errors, Ferr and Perr, are directly forwarded into the DCO in a similar

way as [49, 50] and are deserialized for use in the integral path. Since both the direct-

proportional and integral paths control in parallel the number of the activated unit

FTCs, the ratio of two gain paths is maintained over PVT variations. The integral

code, CI, is also fed into the lock detector (LD), and it perceives the locked state as

CI is confined to a certain range for a fairly long period. A band-selecting signal,

SBAND, controls the strength of the RO and the number of the CSs that is always

activated to support a wide frequency band. For a fast stabilization, the A-FTL using

a counter-based frequency detector compensates for a large frequency difference via a

large integral gain of α2. The TDC-PFD uses three finely spaced TDC for a better jitter

performance and four coarsely spaced TDC with non-linear gain for fast locking. The

detailed circuit descriptions of the A-FTL and TDC-PFD are explained in sections

3.4.2 and 3.4.3, respectively. The power domains are divided into the VDDDCO, the

VDDDIG, and VDDANA. A test noise is applied to the VDDDCO domain to evaluate the

performance of the proposed SNC technique.
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3.4.2 Circuit Description of Building Blocks: TDC-PFD

Unlike the PLL as a frequency synthesizer, the PLL as a clock buffer has a noisy

reference clock whose frequency is the same as that of the operating clock. To achieve

a high PLL loop bandwidth and secure a stable operation, the frequency and phase

errors, Ferr and Perr, should be propagated into the loop filter within one period of the

reference clock. However, due to the high reference clock frequency, timing constraints

over PVT variations in the TDC-PFD have been taken into account [51].

Non-uniform

Vernier TDC

DZ-PFD

SREF
Perr[4:0]

SFB

SUP

5

Si,FB Si,REF

SDN

SCDC

2
Ferr [1:0]

Figure 3.19: Block diagram of the TDC-PFD.

Figure 3.19 is the block diagram of the TDC-PFD. Five steps of Vernier TDC

[9] are utilized, where three narrow-spaced steps are used for the jitter reduction at

the locked state, and two broad-spaced steps are used for the fast locking. Dead-

zone (DZ) PFD produces the Ferr signals for a large PFD gain when it detects a

frequency difference. To prevent a metastability problem between the TDC-PFD and

the DLF, the clock of SCDC for a clock domain crossing (CDC) is adopted. The detailed
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block diagram with each propagation delay is shown in figure 3.20. The critical paths

of curtailing a timing budget are determined by SUP, SREF, and SCDC. Considering

the timing margin for a stable operation as shown in figure 3.21, the following two

equations must be satisfied.

tUP + tc2q + tsetup < tCDC (3.7)

tCK + tc2q + thold > tCDC (3.8)

SREF ts ts
SR,s1 SR,s2

tUP
SUP

SCDC

tf
SR,f1

SFB tf
SF,f1

ts ts
SF,s1 SF,s2

[SR,f1,SF,s2]

[SR,f1,SF,s1]

[SREF,SFB]

[SR,s1,SF,f1]

[SR,s2,SF,f1]

Perr[4:0]
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TDC

Sampler

Non-uniform Vernier TDC

D Q

reset

D Q

reset

D Q

D Q

FUP
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tc2qtr2q tresetSR,s1

SF,s1 FDN

Dead-Zone PFD

Figure 3.20: Detailed block diagram of the TDC-PFD with each timing information.
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, where tUP and tCDC are the propagation delays of from SREF to SUP and from

SREF to SCDC, respectively, and tc2q, tsetup and thold are the clock-to-q delay, setup and

hold time of the D-flipflop. And tCK is the period of the reference clock.

Time

0 tCK

Perr[2][k]

tsampler
ts

SREF[k]

tc2q

FDN[k]

tc2q

2*ts+tUP+tc2q

FUP[k]

allowable

sampling aperture

of SCDC

tCDC

FDN[k+1]
Perr[1][k]
Perr[3][k]

Perr[0][k]
Perr[4][k]

Figure 3.21: Signal decision time and timing margin for stable operation.

Figure 3.22 describes the gain of the TDC-PFD. The optimum point of τ1 [52] is

determined by the Lloyd-Max algorithm [53] and the probability density function of

Perr. Here, τ1 is decided as the average value of RMS jitter of SREF to satisfy the given

DDR5 RCD specification [5]. τ2 not only helps fast phase tracking but also increases a

loop bandwidth when a large phase difference is detected. τUP and τDN are determined

by the propagation delays of figure 3.20 and expressed as

τUP = ts + tUP − (tc2q + treset + tr2q + thold) (3.9)

τDN = ts + tc2q + tsetup (3.10)
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Figure 3.22: Gain curve of TDC-PFD.

, where ts is the propagation delay of the slow buffer and treset is the reset AND delay

in the DZ-PFD, and tr2q is the reset-to-q delay of D filpflop. For a symmetric locking

transient behavior, τUP = τDN should be satisfied. The monte carlo simulation of the

narrow-spaced steps of τ1 is shown in figure 3.23. According to the simulation results,

the mean value of τ1 is about ± 6 ps, and its standard variation is 1.45 ps.
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3.4.3 Circuit Description of Building Blocks: A-FTL

To satisfy the required stabilization time of 3.5 µs in the entire operating frequency

band, the A-FTL is incorporated for the fast locking to its target frequency. The TDC-

PFD explained in section 3.4.2 is also able to produce the frequency error Ferr, when

their phase difference is greater than τUP or less than −τDN from the phase-locked

point. However, the TDC-PFD has a limited frequency acquisition gain, because the

frequency error Ferr is not proportional to the frequency difference. Therefore, when

there is a large frequency difference such as an initial locking case, the A-FTL is

required to attain the corresponding large frequency gain.

A-FTL in the DLF
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Figure 3.24: Block diagram of A-FTL.

Figure 3.24 is the block description of the A-FTL. The A-FTL using a counter-

based frequency detector examines the average frequency difference between SREF

and SCLK,DIG by comparing the counted numbers of each clock edge. When the dif-
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ference of the counted numbers exceeds two, the enable signal SEN,FTL is activated

and the A-FTL applies an integral gain of α2 only once, while the original low gain

of α1 is continuously applied otherwise. Since the A-FTL operation is a non-linear

behavior, when the SEN,FTL is activated, the reset signal SRST must be held to the

logical high until the corresponding frequency correction by α2 is reflected in order

to prevent overcompensation. The α2 is determined by KDCO, the counted number of

SCLK,DIG, and the reference frequency. Since the A-FTL compares the average clock

frequencies, robust frequency acquisition is possible regardless of an instantaneous

jitter. Furthermore, the A-FTL is implemented with digital synthesis.
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Figure 3.25: Simulated frequency trend with A-FTL.

The simulated frequency trend of SOUT is shown in figure 3.25. The large fre-

quency acquisition gain is obtained at the initial locking. As the frequency difference

becomes low, it takes a longer time for SEN,FTL to be activated and the corresponding

frequency correction is also reduced. If the frequency difference is low enough, the

counted number of SCLK,DIG is saturated and the SNC-AD-PLL finishes the phase

tracking with the TDC-PFD by α1.
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3.5 Measurement Results
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Figure 3.26: (a) Die photograph and (b) power breakdown of each supply domain.
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Figure 3.27: Measurement setup

The proposed AD-PLL is fabricated in the 28-nm CMOS process with a supply

voltage of 1.1 V and occupies an active area of 0.06 mm2. The micrograph of the chip

is shown in figure 3.26(a) and figure 3.26(b) shows the sub-block lists and the power

breakdown of each power supply domain. Unlike a conventional frequency synthe-
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sizer, both all sub-circuits in VDDANA domain and the proportional path operate at full

rate. Accordingly, the power consumption in the VDDANA domain of 3.10 mW at a 3

GHz operation is particularly high. The measurement setup is shown in figure 3.27.

To evaluate the SNC performance, the voltage noise from the Waveform Generator,

S∆V,NOISE, is fed into the VDDDCO domain through the AC-coupling capacitor of 100

µF. The signal type of S∆V,NOISE is a single-tone sinusoidal noise or a random noise.

The Vector Signal Generator provides the input high-frequency reference clock and

the BALUN conducts the single-to-differential conversion. The Bias TEEs adjust their

DC offset voltages.

3.5.1 Open-Loop SNC Performance
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Figure 3.28: Measured static SNC characteristic of the free-running DCO and the
corresponding FP with different voltage variations.

The measured static SNC characteristic of the free-running DCO and the aver-

age FP of three prototype chips are shown in figure 3.28. The frequency of the SNC-

free DCO shows a linear dependency on a voltage variation. On the other hand, in the

SNC-DCO, the low FP of 60.8 MHz/V at a ±20 mV change is achieved with small
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Figure 3.29: (a) Measured spectra of the free-running DCO with a sinusoidal noise of
1 MHz, 100 mVpp and (b) the amount of frequency deviation.

chip-to-chip variations, which is about 55 times lower than that of the SNC-free DCO.

The measurement results in figure 3.28 are fairly consistent with the simulated results

in section 3.3. Spectra of the free-running DCO in figure 3.29(a) display the SNC

effects with a sinusoidal noise of 1 MHz, 100 mVpp. In general, when a supply noise

is applied, frequency drifts like frequency modulation (FM) in accordance with the

applied noise, thus the shape of the spectrum changes from skirt-shaped into the wide-

band FM. However, with the SNC assistance, the frequency drift is markedly mitigated

as shown in figure 3.29(b). The noise suppression occurs in all measured bands, but the

higher the noise frequency is, the less the suppression becomes. This result coincides

with the analysis of the PSNADCO in section 3.3.
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3.5.2 Closed-Loop SNC Performance
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Figure 3.30: Measured spectra of the AD-PLL with a sinusoidal noise of 1 MHz, 25
mVpp and the derived PSNA.

P
S

N
A

 [
d

B
]

40

Noise freq. [MHz]
0.1 1 10

30

20

P
S

N
A

 [
d

B
]

40

Noise freq. [MHz]
0.1 1 10

30

20

Figure 3.31: Measured PSNA results of the SNC-PLL.

Figure 3.30 is the spectra of the AD-PLL with and without the SNC technique

when a sinusoidal noise of 1 MHz, 25 mVpp is applied or not. In the SNC-free PLL,

the residue noise that is not eliminated by the PLL loop increases the in-band noise.

On the contrary, in the SNC-PLL, the fundamental noise as well as N-th harmonic
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noises are greatly attenuated, and the supply noises are further suppressed by the SNC

technique. The extent attenuated by the SNC technique derives the PSNA as shown in

figure 3.31. The SNC-PLL achieves the highest PSNA of 40 dB at 300 kHz and retains

over 35 dB up to 3 MHz.
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Figure 3.32: Measured RMS jitter with (a) sinusoidal and (b) random noises.
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Figure 3.34: Measured phase noise plots with random noise of 40 mVpp.

Figure 3.35: Measured phase noise plots without noise.



CHAPTER 3. SELF-BIASED SUPPLY-NOISE-COMPENSATING RO 67

When a sinusoidal noise and a random noise are applied, the integrated RMS jitter

for each case is plotted in figure 3.32. When a sinusoidal noise is applied, the SNC-PLL

achieves a relatively constant RMS jitter below 1 MHz, whereas the SNC-free PLL

fails to lock above 500 kHz with 100 mVpp amplitude. In the case of random noise,

on average, the achieved RMS jitter of the SNC-PLL is 65 % lower than that of the

SNC-free PLL. When a sinusoidal noise of 200 kHz, 50 mVpp is applied, the measured

phase noise with and without the SNC technique is shown in figure 3.33. Even though

they have the same loop bandwidth, the in-band phase noise considerably deteriorates

in the SNC-free PLL. When a random noise of 40 mVpp is applied, the measured

phase noise comparison plot with and without the SNC technique is shown in figure

3.34. As discussed in section 2.1.3, the phase noise of the SNC-free PLL is aggravated

by the random noise. However, the phase noise of the SNC-PLL is improved with

the additional noise suppression owing to the SNC technique. Under the noise-free

condition, the integrated RMS jitter of 271 fs is achieved from 100 kHz to 500 MHz

at 3 GHz operation as shown in figure 3.35.
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3.5.3 Fast Stabilization Performance
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Figure 3.36: Measured convergent time of clock frequency with and without the A-
FTL.
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Figure 3.37: Measured stabilization time with different configurations.

The measured convergent time of clock frequency with and without the A-

FTL is described in figure 3.36. With the starting point of clock frequency set to the

minimum value of 290MHz, the entire system reset is released. When the frequency

difference between the reference clock and the DCO clock is large in the beginning, it
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shows a non-linear staircase locking behavior with the A-FTL assistance, as explained

in figure 3.25 of section 3.4. When it goes out of the frequency acquisition range of

the A-FTL, the TDC-PFD completes phase tracking. Thus, the proposed PLL with the

A-FTL achieves a fast stabilization time regardless of the target frequency as shown in

figure 3.37, whereas the lock time of the PLL without the A-FTL increases linearly as

the target frequency becomes widely off.

3.5.4 Performance Comparison

Table 3.1 summarizes the chip performance. The proposed SNC-PLL achieves the

highest PSNA of 40 dB and the lowest integrated jitter of 271 fs and FoMJITTER of

–240.5 dB in the comparison with the state-of-art RO-based SNC-PLLs concerning

SNC techniques. Figure 3.38 shows the measured integrated jitter and the power con-

sumption with the FoMJITTER in the other DDR5 configuration. The SNC-PLL retains

below -237 dB FoMJITTER performance from 1.8 GHz to 3.2 GHz operation.
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3.6 Summary

This chapter presents the AD-PLL for the DDR5 RCD application with a self-

biased SNC-DCO. By combining two current sources that have an opposite depen-

dency on supply variations, the proposed SNC-PLL improves a static voltage margin

and offers robustness against supply fluctuation. The proposed SNC technique sat-

isfies the prerequisites for the RCD application. With an open-loop SNC calibration

operating independently of PLL loop bandwidth, the SNC performance is maintained

regardless of the quality of the input reference clock and its configurations. In addition,

the SNC technique does not require a start-up circuit and does not deteriorate the

stabilization time for the RCD. Even though the SNC performance is varied with

process and temperature variations, about 15 dB and 17 dB improvement of FP at

the worst case of SS corner and 20 °C to 75 °C variations, respectively. Furthermore,

quantitative analyses of the proposed SNC technique such as the operating band, the

amount of noise suppression, and the phase noise contribution due to the addition

SNC function are addressed. The measured open-loop FP with a ±20 mV voltage

variation is 60.83 MHz/V while the PSNA of 40 dB is achieved with a sinusoidal

supply noise of 300 kHz and 25 mVpp. In addition, the stabilization time below 700 ns

in all configurations is achieved with the A-FTL assistance.
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Chapter 4

ILCM with Multi-Phase-Based Calibration

4.1 Overview

This chapter presents a RO-based ILCM with a new background calibration tech-

nique that utilizes a multi-phase generation capability of the RO [57]. By detecting

phase changes before and after the injection pulse, both a frequency error and an

injection path offset are calibrated. The frequency calibrator operates at the injection

rate with high bandwidth, which contributes to further suppressing the flicker noise

of the RO and producing a much lower RMS jitter. The path offset calibrator oper-

ating at the pulse-gating rate with a low bandwidth makes the ILCM converge to the

state with a minimum reference spur. To maintain reliability in the frequency error

caused by the injection path offset in the steady state, a narrow-range delay-locked

loop is additionally adopted. For a low-power implementation, a sub-sampling bang-

bang phase detector is employed for each calibration loop, and all calibration loops

operate at the reference clock rate. The proposed multi-phase-based calibration takes

advantage of the distinct and intrinsic feature of multi-phase generations in the RO and

extirpates the trade-off relationship between the achievable effective injection strength

and the power consumption. In addition, through continuous background calibration,

the ILCM maintains its jitter and reference spur performance against PVT variations.
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Fabricated in 28-nm CMOS, the proposed ILCM achieves an integrated RMS jitter

of 143.6 fs from 10 kHz to 40 MHz with a reference spur of –77.9 dBc. The ILCM

consumes 9.4 mW at the 4.8-GHz operation, which translates to a FoMJITTER of –247.1

dB.

Rest of this chapter is organized as follows. Section 4.2 introduces why the two-

point calibration is indispensable for successful injection locking and discusses the

advantages and disadvantages of prior works regarding injection-locking calibration.

Section 4.3 focuses on the proposed multi-phase-based calibration structure, and the

detailed calibration methodology is addressed with timing diagrams in specific cases.

The overall architecture and the circuit implementation of building blocks are de-

scribed in Section 4.4. The measurement results from the prototype chip are presented

in Section 4.5. Finally, the key contributions of this chapter are summarized in section

4.6.
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4.2 Design Motivation

4.2.1 Needs for Two-Point Calibration in Injection-Locking

Ideal case ) fERR = fILO – fIDEAL = 0, N=2.

ϕ0° 

ϕ180° 

TREF = N * TILO

fIDEAL
time

phase

0
time

freq.

SINJ

SOSC

Figure 4.1: Ideal injection-locked state.

A phase-realignment mechanism of a RO-based ILCM offers strong suppres-

sion of the RO-induced noise due to its high bandwidth nature, as explained in section

2.2. To make the most of the injection effects, a free-running frequency of the RO must

be precisely tuned with the target frequency [17]. Figure 4.1 shows the ideal injection-

locked state in the example case of its multiplication factor (N) of 2. The injection pulse

signal, SINJ, makes the phase-realignment in the oscillating phases, ϕ0° and ϕ180°, of

SOSC. If there is no frequency error (FE) with TREF = N · TILO, the frequency and the

phase of the SOSC have no fluctuation and remain constant at their ideal values.
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Figure 4.2: Injection-locked state with an (a) positive and (b) negative FE.
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On the contrary, in the case with the FE, SINJ makes a sharp phase-realignment

in the phases of SOSC and the accumulated phase error is rectified at every injection

rate, as shown in figure 4.2. The frequency of SOSC deviates slightly from its average

(ideal) frequency by the amount of the FE, and a large frequency deviation occurs

instantaneously when the injection pulse is applied. It entails poor reference spur

performance and aggravates a deterministic jitter.

However, if the FE calibrator is adopted heedlessly, the FE remains uneliminated

even in the steady state. This is because there are two different phase-locked points

in one chip, as shown in figure 4.3. One is where the injection pulse causes the phase

realignment, and the other is the phase-locking point of the FE calibrator. Figure 4.4(a)

illustrates the initial case of figure 4.3 that the FE calibrator is added in an ideal state

of figure 4.1. Then, due to the path offset (PO), the output of the PD leads to locking

at a lower frequency. As a result, it converges to the state with a negative FE in the

steady state, as shown in figure 4.4(b). Therefore, the PO calibration logic is required

to match the two different phase convergence points, as described in figure 4.5.

ILCM with FE calibrator

Pulse Gen.SREF

SOUT

ERRFE
DLFPD

1

2
SINJ

Figure 4.3: Block diagram of ILCM including a FE calibrator.
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In the steady state) fERR < 0 with the PO
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0
time
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freq.

Ideal (fERR = 0)

poor reference spur 
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SINJ

SREF

PD UP/DN UP/DN

1

Initial case) fERR = 0 with FE calibrator

ϕ0° 

ϕ180° 

TREF = N * TILO

SINJ
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ERRFE DN DN

2 2

1

(a)

(b)

Figure 4.4: (a) Initial and (b) steady state of figure 4.3.
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ILCM with FE & PO calibrators

Pulse Gen.SREF

SOUT

ERRFE
DLFPD

SINJ

ERRPO

Figure 4.5: Conceptual block diagram of ILCM with two-point calibration.

(a)

SREF

Pulse Gen.
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PD

SOUT

DCDL

SINJ

SEN,gating

ERRPO

ERRFE

ILO

Injection

Gating

PO

FE

Control Cal.

Cal. Operation

(b)

Figure 4.6: (a) Conceptual block diagram of conventional pulse-gating ILCM and (b)
its operation.
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4.2.2 Prior Works Regarding Two-Point Calibration

As methodologies for the two-point (FE and PO) calibration, various background

calibration techniques have been proposed [58, 59, 60, 61, 62]. Figure 4.6(a) depicts

the conceptual block diagrams of the conventional pulse-gating ILCM [60, 61]. The

gating control block generates the signal SEN,gating enabling for SINJ to be gated peri-

odically, and the FE is detected in the PD when SEN,gating is activated. And the PO is

calibrated by controlling the propagation delay in the injection path when the SINJ is

applied. The operation of the conventional pulse-gating ILCM is organized in figure

4.6(b). In this way, a low-power operation can be possible, but the effective injection

strength is reduced for a high bandwidth of FE calibration. This method even makes

the achievable loop bandwidth be slashed by half, if the injection pulse is gated every

other one [63].

Another solution is a replica-delay-cell (RDC)-based calibration [59, 62], and its

conceptual block diagram is shown in figure 4.7(a). The RDC plays a role in storing

free-running frequency information, if the propagation delay of the RDC is a multiple

of TOSC. Then, the FE is calibrated when the injection pulse is applied. To perceive

the FE precisely, the PO in the RDC is continuously calibrated when the injection

pulse is not applied. The operation of the RDC-based calibration is organized in figure

4.7(b). The RDC-based calibration can achieve both the full injection strength and the

high bandwidth of the FE calibration, simultaneously. However, the RDC and the PD

operate at the oscillation frequency, which entails a large power consumption.
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RDC: Replica Delay Cell

(a)

SREF

Pulse Gen.

SOUT

SINJ

ERRFE

PD

ILO

SSEL

Demux

ERRPO

RDC

Injection

Usual

FE

PO

Control Cal.

Cal. Operation

*

: except for Inj.*

(b)

Figure 4.7: (a) Conceptual block diagram of RDC-based ILCM and (b) its operation.
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4.3 Proposed Multi-Phase-Based Calibration (MPC)

To adopt only the advantages of the previous structures, a multi-phase-based cali-

bration (MPC), which utilizes the inherent capability of generating multi-phase clocks,

is proposed [57]. The FE and PO calibrations are conducted by detecting the phase

changes of the multi-phase clocks at before and after the injection pulse. To precisely

determine the FE in the steady state that corresponds to the PO, the MPC structure

includes a narrow-range delay-locked loop (DLL). The operations of the three calibra-

tion loops constituting the MPC are divided into two-timing categories, depending on

whether the injection pulse is applied to the RO or gated. It is noted that the gating

methodology of the MPC is completely opposite to that of the conventional pulse-

gating method described in section 4.2.2. The pulse-gating method of the MPC is not

intended to obtain the FE of the free-running oscillator, but is adopted to prevent the

number of additional PDs for calibrating the circuit offsets from deductively increasing

to infinity. To sum up, the proposed MPC consists of three calibration loops, which

are the FE, PO calibrations, and the narrow-range DLL. They operate separately by

two events that cannot happen simultaneously. One event is when the injection pulse

is applied to the RO, and the other event is when the injection pulse is gated. The

FE calibration and the DLL are performed when the injection pulse is applied, and

the PO calibration is carried out when the injection pulse is gated. In addition, all

three calibration loops operate at the reference clock rate with sub-sampling bang-bang

phase detectors (SS-BBPDs). Consequently, the MPC not only brings the advantage of

the RDC-based ILCM that is a full injection effect with high bandwidth of the FE cali-

bration, but also achieves a low-power operation with SS-BBPDs that is the strength of

the conventional pulse-gating ILCM. In the remainder of this section, a logical process

of creating the MPC and detailed operating principles of each calibration loop are

examined.
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4.3.1 Logical Process of Creating MPC

FE Calibrator Sampling Pre-Injection Phases

The primary purpose of the RO-based ILCM is an extended suppression bandwidth

of RO-induced noises. Accordingly, one of the prerequisites for two-point calibration

that is essentially accompanied by the successful injection-locking structure is not to

infringe on the maximized suppression bandwidth. The key factor is how to calibrate

the frequency of the free-running RO that changes with the surrounding conditions.

As explained in section 4.2.2, the RDC [59, 62] is used for storing the frequency of

the free-running RO, but its frequency information is contained in multi-phase clocks

themselves. The multi-phase clocks after the phase realignment have unreliable free-

running frequency information, but the accumulated jitter due to the FE is reflected in

the multi-phase clocks right before the phase realignment. Therefore, the PD of the FE

calibrator is placed to sample the pre-injection phases.

PO Calibrator Sampling Post-Injection Phases

Where the phase of the FE sampling clock is aligned ensues from the FE calibrator.

To solve this question, it is necessary to understand where and how the discrepancy

due to the PO occurs. According to the analysis that the remaining FE in the steady

state originates from the corresponding PO, the PD detecting the remaining FE with a

low operating bandwidth is additionally required. However, this approach still leaves

a serious problem, because the k + 1th PD is deductively required to calibrate the

circuit offset of the kth PD. Consequently, the pulse-gating methodology is adopted in

the MPC to solve this deductive problem. The pulse-gating method is a very efficient

way to observe the difference in whether a certain event has occurred or not in the

same circumstance. Moreover, the reduced effective injection strength, which is a fatal

disadvantage of the pulse-gating method, is not a problem in PO calibration, because
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the remaining FE needs to be sampled in the steady state so that the PO calibration can

operate with sufficiently low bandwidth.

The next step is where the remaining FE is detected. The PO calibrator in the MPC

identifies the phase shift from the phase-realignment mechanism in the post-injection

phases because it corresponds to the remaining FE. To minimize the misguided sensing

due to the phase noise of the RO, the PO calibrator samples the phases right after the

injection pulse. The time it takes for the RO noise to be accumulated is only TOSC/m,

where m is the number of multi-phase clocks in the RO. Furthermore, it reduces the

DLL coverage to secure the normal operations of the MPC.

Tracking Post-Injection Phases

Finally, to detect PO errors with high reliability, the sampling clock of the PO

calibrator must be aligned with the phase-realigned post-injection phases. Only then

can the phase shift (phase pushing or phase pulling)1 be known at the pulse-gating

event. For this reason, the sampling clock continues to track the phase-realigned post-

injection phases through the DLL. Since SINJ is synchronous to SREF and has a phase

relation of TOSC/m with the post-injection phases, the dynamic range of DLL is

substantially reduced.

1In [57], the two phase-realignment types are called as injection pushing and injection pulling.
However, to prevent a misunderstanding of the notation ”injection pulling” that represents the injecting
oscillator is involved but does not capture the primary oscillator, they are written as phase pushing and
phase pulling in this dissertation.
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4.3.2 Time-Domain Analysis of MPC

The PDR-based analysis of the injection-locking technique has three important

characteristics. The first characteristic is that the injection strength, β, has a range

between 0 and 1. In other words, there is no overcompensation in the injection locking.

The second characteristic is that the phase shift (phase pushing and phase pulling) is

proportional to the input phase difference. The third characteristic is that the same

injection strength is maintained within a certain range of the input phase difference.

Consequently, a linear approximation of the injection-locking phenomenon can be

performed within the range where the injection pulling does not happen. In this section,

based on these three characteristics, a time-domain analysis of the injection-locking is

presented, and equations related to the input phase difference, the amount of phase

shift, and the convergence point in the steady state are derived. Subsequently, the

proposed MPC behavior is embodied in the derived equations.

0

Phase

time
TREF 3TREF 5TREF 7TREF

CRP RP[2]

Nagative FE : ΔT > 0

β = 0.5

RP[1]

Figure 4.8: Non-linear phase relationship of ILCM with negative FE in time-domain.
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Figure 4.8 depicts the non-linear phase relationship of ILCM with a negative FE in

the time domain. The phase ’0’ value represents the convergence point of the injection

pulse, SINJ, which also means the reference point of the input phase difference in the

PDR-based analysis. The accumulated phase noise during TREF is refreshed at every

injection rate (the reference clock rate in figure 4.8), and the phase shift is half of

the input phase difference. (β = 0.5) The amount of residual phase after the phase

realignment is expressed as RP , and the discrete-time variable RP [k] is defined as

the value of RP sampled for each TREF. The convergent residual phase (CRP ) is the

value of RP in the steady state.

RP [k] := lim
t→k·TREF+

ϕ(t) (4.1)

Since the phase value is discussed in the time domain, all phase values to be

developed are expressed as time dimensions in order to resolve confusing notations.

The residual time,RT , has an one-to-one correspondence with the residual phase,RP ,

and expressed as

RT [k] = RP [k] · TOSC

2π
(4.2)

Figure 4.9 shows RT [k] with the injection strength, β, of 0.8, fOSC of 5 GHz, and

the absolute frequency error, |ferr|, of 0.1 %. The RT [k] converges to the convergent

residual time (CRT ) with an index of 7, which defines a convergence index (CI). The

higher β becomes, the faster it reaches the CRT , which is described in figure 4.10.

The initial value of RT [1] is 10 ps and other conditions are the same as figure 4.9.
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By means of its non-linear phase relationship, RT [k] has the following recurrence

relation.

RT [k + 1] = (1− β) ·
(
RT [k] +

1

2πfOSC

∫ TREF

0
∆f(t) dt

)
(4.3)

With a given ∆f , the accumulated time difference (D) due to the FE is expressed as

D =
1

2πfOSC

∫ TREF

0
∆f(t) dt = ∆T ·N (4.4)

, where ∆T is the time difference that corresponds to the FE and is expressed as

−∆f/fOSC
2. Then, the recursive equation (4.3) is developed and the convergent value

of RT [k], CRT , is derived as follows.

RT [k] =
(
RT [1]− 1− β

β
·D

)
·
(
1− β

)k−1
+

1− β

β
·D (4.5)

CRT = lim
k→∞

RT [k] =
1− β

β
·D (4.6)

According to (4.5) and (4.6), the input time difference and the time shift that corre-

spond to the input phase difference and the phase shift, respectively, in the steady state

are derived as

TIN
∣∣
@SS

=
D

β
=

∆T ·N
β

(4.7)

TOUT
∣∣
@SS

= β · D
β

= ∆T ·N (4.8)

The equations (4.6), (4.7), and (4.8) imply several interesting aspects. To start with,

the necessary and sufficient condition for the ideal ILCM is D = 0, which represents

the FE of 0. And if the FE exists in the injection-locked system, all performances

are improved with a lower N . The low N with a given fOSC means that the time

for noises to be accumulated is effectively reduced. In addition, the lower β is, the
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larger the CRT becomes. This indicates that the static phase offset between the input

injection clock, SINJ, and the oscillator is inversely proportional to β in the steady

state. Moreover, the time shift in the steady state is kept constant as D regardless of β.

This result is coincident with the result of (2.33) as developed in (4.9).

P (ϕSS) =
2π

TOSC
· TOUT

∣∣
@SS

=
2π

TOSC
·
(
− ∆f

fOSC
·N

)
= −2πN∆w

wOSC
(4.9)

The roles and operations of the MPC corresponding to the equations of (4.6), (4.7),

and (4.8) are as follows. The FE calibrator reduces ∆TOSC and D, thus making the

MPC-ILCM an ideal ILCM without the FE. The narrow-range DLL forces the phase

(time) of the sampling clock of the PO calibrator to be located at the CRP (CRT ).

The PO calibrator identifies the time difference of TIN
∣∣
@SS

- CRT = D, when the

injection pulse is gated.

4.3.3 Conceptual Block Diagram of MPC

Figure 4.11(a) shows a conceptual block diagram of the proposed MPC structure.

The FE and PO calibrators sample the pre- and post- injection phases, respectively.

The narrow-range DLL tracks the realigned post-injection phases. The entire system

is controlled by the gating enable signal, SEN,gating. When the SINJ is applied to the RO,

the FE calibrator and the DLL are executed. On the contrary, when the SINJ is gated

with the activated SEN,gating, the PO calibrator is performed. These overall calibration

operations are summarized in figure 4.11(b). The FE calibration functions at every

injection rate, so that high bandwidth of FE calibration with the full injection effect can

be achieved simultaneously. In addition, all calibration loops operate at the reference

clock rate, thus a low-power implementation can be performed.
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Figure 4.11: Conceptual block diagram of the proposed MPC structure.
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Figure 4.12: Timing diagram of the MPC, when the injection pulse is applied.
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Figure 4.13: Timing diagram of the MPC, when the injection pulse is gated.
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4.3.4 MPC Operation (1, 2): FE Calibration and DLL

When the injection pulse, SINJ, is applied to the RO, the FE calibrator and the

DLL are executed. Figure 4.12 shows how they function with the timing diagram in

the specific case. Assuming SINJ is aligned with the rising edge of ϕ0°, the phase shift

at every injection rate is conducted as ”phase pushing” with a positive FE. And the

accumulated FE information is obtained by sampling the pre-injection phases, ϕPRE,

with the sampling clock, SPRE, that has no PO. The DLL enables the sampling clock

of the PO calibrator, SPOST, to track the realigned post-injection phases, ϕPOST. It is

noted that the DLL operates independently of the injection path, when the injection

pulse is applied. The DLL noise itself does affect the sampling clock phase of the FE

calibrator and becomes low-pass filtered.

4.3.5 MPC Operation (3): PO Calibration

When SINJ is gated with the activated SEN,gating, the PO calibrator identifies the

direction of the phase shift (phase pushing or phase pulling) that corresponds to the

remaining FE in the steady state. Figure 4.13 shows how the PO calibrator recognizes

the phase shift with the timing diagram in the specific case. Before SINJ is gated, the

MPC converges into the steady state where both expectations of PDPRE and PDPOST

are zero. Meanwhile, even with a small negative PO, tPO, a small positive FE, ϵ,

corresponding to tPO remains and an imperfect locked condition is reached. In this

case, the phase shift occurs as ”phase pushing” at every injection rate, and SPOST is

aligned with the realigned post-injection phases thanks to the DLL. However, when

the SINJ is gated, the phase shift does not take place, so that the de-realigned post-

injection phases are sampled and the phase shift of ”phase pushing” is identified. In

this way, the PO calibrator makes the MPC-ILCM lock to the minimum reference spur

condition.
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Figure 4.14: Overall architecture of the proposed MPC-ILCM.
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Figure 4.15: Decision tables of MPC; (a) the FE calibrator, (b) the DLL, and (c) the
PO calibrator.
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4.4 Circuit Implementation

4.4.1 Overall Architecture

Figure 4.14 shows the overall architecture of the proposed MPC-ILCM. A conven-

tional bang-bang phase-locked loop structure is used for an initial locking and disabled

later in the ILCM mode. The injection pulse, SINJ, shorts differential oscillating nodes,

ϕINJ (ϕ0° and ϕ180°), and the frequency is tuned by a 10-bit monotonic digitally-

controlled resistor (DCR) [64]. The injection-locked oscillator (ILO) consists of a 4-

stage differential RO and injection switches. The injection strength, β, is varied by

4-bit binary-weighted injection switches. The pre- and post- injection phases, ϕPRE

(ϕ315° and ϕ135°) and ϕPOST (ϕ45° and ϕ225°), are sub-sampled by SPRE and SPOST

with SS-BBPDs to calibrate the FE and PO, respectively. The sampling clocks of

the FE and PO calibrators, SPRE and SPOST, are the delayed signals of a reference

clock, SREF, by tPRE and tPOST, respectively. The PO calibrator and the narrow-range

DLL share the PDPOST and each operation is determined by the gating-enabled signal,

SEN,gating. The gating control block adjusts the pulse-gating rate through a gating-rate

control word (GRCW) and affects the calibration bandwidth. It is recalled that due

to the pulse-gating methodology, the required number of PDs for calibrating circuit

offsets is prevented from being deductively increased to infinity. To explore whether

the SINJ is aligned with the rising or falling edge of ϕ0°, ϕINJ is also sub-sampled

by SPOST. Since all of SINJ, SPRE, and SPOST are synchronous to SREF, the required

delay range of each digitally-controlled delay line (DCDL) can be reduced. To secure

the effective injection strength with the high bandwidth of FE calibration, SEN,gating

is activated with a low gating rate which is less than about 1/100. In consequence,

the bandwidth of the FE calibrator and the DLL is much higher than that of the PO

calibrator. For precise calibration, 20-bit delta-sigma modulators (ΔΣs) are employed

in each calibration loop to improve the frequency and delay resolutions. Figure 4.15
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shows the decision table of the MPC. All of them are correlated with PDINJ, since

PDINJ indicates the transition polarity of ϕINJ. The reason why only the logic of the

PO calibrator consists of XNOR is that it calibrates the phase of the sampling clock of

the FE calibrator, thus their decision table have to be opposite to each other.

Transient Locking Behavior

The convergence of the MPC is completed with both DCDLs (DCDLPRE and

DCDLPOST) having the desired propagation delays. The proposed MPC structure con-

sists of three calibration loops, hence the bandwidth of each calibration loop should

be determined carefully. Each bandwidth is determined by the gating rate (GRINJ)

and each loop gain (KI, KPRE, and KPOST). Since the DLL operates independently

of the injection path, the bandwidths of the FE calibrator and the DLL do not affect

each other, when the injection pulse is applied. The important consideration is the

relationship between the bandwidths of the PO calibrator and the DLL. According

to section 4.3.1, the DLL should be aligned with the realigned post-injection phases,

which allows the PO calibrator to identify the phase shift when the injection pulse

is gated. Therefore, the bandwidth of the DLL should be much higher than that of

the PO calibrator to secure a normal operation and prevent a stability issue due to

bandwidth overlapping. The bandwidth rate between the PO calibrator and the DLL

has the following relation.

BWrate =
BWPO

BWDLL
∝ GRINJ ·

KPRE

KPOST
(4.10)
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Figure 4.16: Transient behavior of MPC structure; the frequency trends and the DCWs
of each DCDL.

Figure 4.16 shows the transient behavior of the MPC structure. The frequency

trends and the delay control words (DCW) of each DCDL are illustrated when it is

switched from a BB-PLL mode to an ILCM mode. Since the gating rate, GRINJ and

the subsequent BWrate is quite low, the stability issue due to the bandwidth overlapping

is prevented. The moving average frequency of the ILO at every injection rate shows

the injection-locked state, when the DCWs of the DCDLs are locked to their desired

points.
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Necessary Condition for Normal Operation

To guarantee the MPC structure even in the PVT variations, the sufficient delay

range of the DCDLs (DCDLPRE and DCDLPOST) should be covered for the sampling

clocks, SPRE and SPOST, to have the desired phases. Fortunately, all of SPRE, SPOST,

and SINJ are synchronous to SREF, and the required additional delay range can be

derived by a monte carlo simulation. The propagation delays from SREF to SINJ and

from SREF to SPRE are defined as tREFtoINJ and tREFtoPRE, respectively. Figure 4.17(a)

shows the monte carlo simulation of the delay difference of two phase-convergence

points, tREFtoINJ – tREFtoPRE, with the PVT variations. The corner variation is conducted

with the slow, nominal, and fast corners. The static supply voltage and the operating

temperature are varied from –0.1 V (low) to +0.1 V (high) and from –5 °C (low)

to +105 °C (high), respectively. The result of each PVT variation is shown in figure

4.17(b). It indicates that its standard variation in the worst case is about 5 ps and the

delay cover range of at least 20 ps is additionally required.
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Figure 4.17: (a) Monte Carlo simulation of two phase-convergence points and (b) its
results.
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4.4.2 Circuit Description of Building Blocks (1): ILO

Inj. Inj. Inj.

Pulse

(a)

SINJ

ϕ0° 

ϕ180° 

ϕ225° 

ϕ45° 

ϕ90° 

ϕ270° 

ϕ315° 

ϕ135° 

ϕ135° 

ϕ315° 

Inj.Inj.

ϕ0° 

ϕ180° 

ϕ135° 

ϕ315° 

(c)

0

ΦIN

xW

W
2W

4W
8W

W
2W

4W
8W

0

Φ
O

U
T

W : Unit size of injection switch

In
j.
 S

tr
e
n

g
th

 (
β

) 

0

Inj. Switch Size

5W 10W 15W

0.25

0

0.5

0.75

1

(b)

0.096π 

Figure 4.18: (a) Circuit description of the ILO, (b) the PDR curve of the ILO, and (c)
the injection strength of the ILO.
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Figure 4.19: Normalized phase shift with the half-supply-crossing transition.

Figure 4.18(a) shows a circuit description of the ILO. The ILO is composed of

a 4-stage differential RO and injection switches. The injection pulse, SINJ, shorts

differential oscillating phases, ϕINJ (ϕ0° and ϕ0°). SINJ is placed at only one of four

switches and the rest are dummies with disabled switches. The injection strength, β,

is controlled by 4-bit binary-weighted switches, of which the unit size is W . The PDR

curve of the ILO in the vicinity of the locking point is shown in figure 4.18(b). The

larger the size of the injection switch is, the larger the phase shift becomes. Within the

injection capture range, the PDR exhibits the linear approximation with the injection

strength, β. The injection strength versus the injection switch size is simulated as

shown in figure 4.18(c). As the size of the injection switch becomes larger, β also

increases, but its rate of increase gradually diminishes.
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Since the DLL in the MPC samples the realigned post-injection phases, when the

phase shift is properly reflected should be considered very carefully. Figure 4.19 shows

the normalized phase shift with various input phase differences. The x-axis of the

number of crossing means the number of transitions from the SINJ including the multi-

phase clocks. In other words, ’0’ indicates the half-supply-crossing of ϕ0° and ϕ180°

right before or after SINJ, and ’1’ represents the half-supply-crossing of ϕPOST, ϕ45°

and ϕ225°. From the right after the post-injection phases, the phase shift is sufficiently

reflected, hence ϕ45° and ϕ225° are suitable for use as ϕPOST and the required delay

range of the DLL is reduced. An additional noticeable difference in figure 4.19 is

observed in the phase shifts of index ’0’ with a positive and negative input phase

difference. The phase shifts with positive input phase differences are almost zero on

account of a causal response of SINJ
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4.4.3 Circuit Description of Building Blocks (2): DCDL

The DCDL consists of coarse- and fine- tuning cells as described in figure 4.20.

Each coarse cell is a NAND-based DCDL and has a resolution of two NAND prop-

agation delays. The fine-tuning DCDL adjusts its delay through an 8-bit Pctrl and a

64-bit Nctrl by changing load capacitance, according to the number of the activated

MOSFETs. Pctrl compensates for the narrow range of Nctrl. If Nctrl is stuck to either the

minimum or the maximum value, Pctrl is activated one by one as described in figure

4.16. The simulated resolutions of the fine-tuning DCDL are shown in the bottom of

figure 4.20(b). The delay of the fine-tuning DCDL is shown in figure 4.21. A mono-

tonic relationship with a fine resolution should be satisfied. The integral non-linearity

(INL) and differential non-linearity (DNL) based on the post-layout simulation are

shown in figure 4.22. The maximum absolute value of INL and DNL are 0.58 LSB

and 0.59 LSB, respectively.
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Figure 4.20: Circuit description of (a) coarse-tuning and (b) fine-tuning DCDL.
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4.5 Measurement Results
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Figure 4.23: (a) Die photomicrograph and (b) power breakdown at 4.8 GHz operation.
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Figure 4.24: Measurement setup for the MPC-ILCM.

The proposed MPC-ILCM is fabricated in the 28-nm CMOS technology and oc-

cupies an active die area of 0.062 mm2. The micrograph of the chip is shown in figure

4.23(a). The supply domains of the ILCM are divided into three parts. One is for the

ILO (VDDILO), another is for the frequency calibrator (VDDDIG) and the other is for

the rest (VDDANA). The power breakdown of each supply domain is shown in figure

4.23(b). The ILCM consumes 9.36 mW with the 4.8 GHz output clock. Figure 4.24 is

the measurement setup for MPC-ILCM. The off-chip regulators provide each supply

voltage and SPRE is outputted to measure the propagation delay of DCDL.
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Figure 4.25: Measured (a) phase noise and (b) spectrum of the output clock
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Figure 4.26: Measured (a) phase noise plots with and without the MPC and (b) their
decade tables.
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The measured phase noise and spectrum are shown in figure 4.25. The measured

RMS jitter is 143.6 fs integrated from 10 kHz to 40 MHz and the reference spur of –

77.89 dBc is achieved. It is noted that the hump around the 120 MHz offset frequency

in figure 4.25(b) is observed due to the supply coupling problem. Figure 4.26(a) depicts

the phase noise plots of the ILCM with and without the MPC, and figure 4.26(b) shows

the corresponding decade tables. The ILCM without the MPC is measured at the same

locked condition as the ILCM with the MPC, and all calibration loops are disabled.

The phase noise at the low-frequency offset of the ILCM without the MPC is higher

than that of the ILCM with the MPC. It indicates that continuous frequency calibration

further suppresses the flicker noise of the RO, which helps to achieve the much lower

RMS jitter [62]. To explore the detailed phase noise contribution of the bandwidth

of the FE calibration, the integral gain, KI, is changed in the same condition of the

MPC-ILCM. Figure 4.27 demonstrates that the higher KI is, the lower the phase noise

becomes at low offset frequencies.
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The figure 4.28 shows the phase noise plots with variations of the size of injection

switches. According to figure 4.18(c), β is almost proportional to the size of the

injection switches, but it is saturated with a large size of the injection switches. The

phase noise results in figure 4.28 coincide and the higher bandwidth extension effect

is achieved with a strong β. Figure 4.28 also implies that the up-conversion phase

noise contribution of the input reference clock aggravates the out-band phase noises

at high offset frequencies with a high β. In other words, the optimum β should be

determined to improve the overall phase noise performance. The achieved reference

spur performance with the β variations is shown in figure 4.29(a). The reference spur

performance below –75dBc is retained with the large size of the injection switches,

but it deteriorates rapidly with a relatively low β. The low reference spur of –79.1 dBc

is achieved with the injection switch size of 13 W and the corresponding measured

spectrum is shown in figure 4.29(b).
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Figure 4.28: Measured phase noise plots with variations of the size of injection
switches.
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The gating rate, GRINJ, affects all bandwidth of the MPC loops and the stability

due to their bandwidth overlapping as explained in sections 4.3.4, 4.3.5, and 4.4.1.

Both the phase noise and the reference spur performance are maintained with a suf-

ficiently low GRINJ. Figure 4.30 shows the reference spur performance with GRINJ

variations. 1/GRINJ of 100 means that SEN,gating is activated once every 100 times of

SINJ. The reference spur performance below –70 dBc seems to be maintained regard-

less of its GRINJ. However, the spectrum of the MPC-ILCM starts to degenerate, as

theGRINJ grows larger. Figure 4.31 shows the example spectra withGRINJ of 1/70 (a)

and 1/10 (b). When 1/GRINJ reaches 70, the undesired fractional tones are observed

and they become worse as GRINJ grows larger.
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Figure 4.31: Measured spectra with GRINJs of (a) 1/70 and (b) 1/10.
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Figure 4.32: Measured clock eye with its jitter histogram.

The measured clock eye diagram with its time interval error (TIE) histogram is

shown in figure 4.32). The symmetric and Gaussian-shaped TIE histogram represents

that the ILCM is successfully injection-locked with the MPC. To further verify the

MPC operation, the integrated RMS jitter and the reference spur with supply (VDDILO)

variations in five different chips are measured as shown in figure 4.33. Without the

MPC, both the integrated jitter and the reference spur rapidly deteriorate when the

supply voltage deviates from the central value of 1.1 V. Furthermore, the ILCM without

the MPC fails to lock, if the supply voltage deviation becomes larger. However, with

the MPC assistance, the ILCM maintains robust performance with the consistently

low integrated jitter and the low reference spur in multiple samples. Figure 4.34 shows

the measured integrated jitter and the resolution of the fine-tuning DCDL with sup-

ply (VDDANA) variations. Since the proposed MPC structure is comprised of three

digitally-controlled calibration loops, the performance has a strong dependency on the

resolution of the DCDL. The two lines in figure 4.34 show that both the integrated

jitter and the resolution of the fine-tuning DCDL are degraded as VDDANA decreases.

The RMS jitter of 184.3 fs and the resolution of 183.7 fs are measured at 0.92 V. When

it comes to the reference spur, relatively consistent performance is obtained from 1.2

V to 0.92 V VDDANA variations and the spectrum measured at 0.92 V is also plotted

in figure 4.34. In this case, the reference spur of –73.22 dBc is measured.
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Table 4.1 compares this design against the state-of-the-art RO-based ILCMs hav-

ing background calibration techniques. Since the proposed MPC performs the low-

power and high-bandwidth frequency calibration, the ILCM exhibits the best FoM

along with the lowest reference spur. Figure 4.35 shows the benchmark of perfor-

mances of the MPC-ILCM and state-of-the-art RO-based ILCMs.
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4.6 Summary

In this chapter, a low-jitter, low-reference-spur RO-based ILCM is presented. With

the MPC that utilizes an intrinsic multi-phase generation capability of the RO, the

ILCM successfully compensates for a frequency error and an injection path offset. The

logical process of the birth of MPC and its time-domain analysis are addressed. The

bandwidth determination for securing a normal operation of the MPC and preventing

a stability issue is concerned and its transient locking behavior is presented. Thanks

to the high-bandwidth frequency calibration, the ILCM further suppresses the flicker

noise of the RO and achieves a much lower RMS jitter. In addition, by identifying the

direction of the phase shift, the PO calibrator makes the MPC-ILCM converge to the

minimum reference spur point in the steady state. For a low-power implementation,

the SS-BBPDs are used in all calibration loops. According to the measured perfor-

mance of the integrated jitter and the reference spur performance in the MPC-ILCM

with respect to the integral gain variations, the injection strength variations, and the

gating rate variations, how the MPC-ILCM reacts to each environment is verified.

With continuous background calibration, the MPC-ILCM maintains its performance

against PVT variations. The ILCM achieves a 143.6-fs RMS jitter with a –77.9 dBc

reference spur and consumes 9.4 mW at the 4.8-GHz operation, which translates to a

jitter-and-power FoM (FoMJITTER) of –247.1 dB.
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Chapter 5

Conclusion

When it comes to the wireline communication trends of the process technology

scaling, the low energy efficiency, and the multiple configurations including the back-

ward compatibility, the RO becomes a prospective replacement for LC counterparts,

because the RO occupies a low silicon area cost, has a multi-phase generation capa-

bility and performs a wide-band frequency tuning range. However, the RO is more

vulnerable to supply noise and has the fatal disadvantage of inferior phase noise com-

pared to the LC counterparts. Therefore, in this dissertation, solutions for the two major

drawbacks of RO-based clock generators are proposed. One prototype chip verifies

the feasibility to the practical application, and the other prototype chip evaluates the

superiority over different methodologies.

First of all, the RO-based AD-PLL with the self-biased SNC technique for the

DDR5 RCD application is presented. The prerequisites of the SNC technique for RCD

application are summarized as follows. 1) It should not rely on the reference clock for

detecting a supply fluctuation, since the input reference clock is noisy. 2) It secure a

wide-range static supply voltage margin for low voltage conditions considering PVT

variations and mass production. 3) It compensates dynamic voltage droops due to the

workload transition with a sufficient SNC bandwidth. 4) It must satisfy the stabilization

time of 3.5 µs. And the corresponding results of the proposed SNC technique are
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summarized as follows. 1) The open-loop self-biased SNC-RO does not require any

feedback system and its behavior does not have a dependency on the reference clock

quality. 2) The low FP of 60.8 MHz/V at a ±20 mV and 67.9 MHz/V at a ±40

mV is measured in the SNC-RO, which is about 55 times lower than that of the

SNC-free DCO. 3) The dominant pole is located in the vicinity of 20 MHz and the

measured PSNA performance is sustained over 20 dB up to 10 MHz. 4) The additional

settling time of about 40 ns is required, thus not deteriorating the stabilization time.

The design-oriented quantitative analyses on static and dynamic characteristics such

as the FP, the SNC-operating bandwidth, the phase noise contribution due to the SNC

technique, and the estimated PSNA are also addressed. The prototype chip is fabricated

in a 28-nm CMOS technology, and the measurement results demonstrate that the AD-

PLL satisfies the prerequisites of the SNC technique as well as the stabilization time

for the RCD application. The SNC-PLL achieves the best PSNA performance of 40 dB

and maintains the PSNA performance over 20 dB with a single-tone noise frequency

from 100 kHz to 10 MHz. In the case of random supply noise up to 100 mVpp, the

integrated RMS jitter performance is improved by about 65 % on average. The AD-

PLL consumes 12.1 mW at 3.0 GHz operation and achieves an integrated RMS jitter of

271 fs without any injected supply noise. Besides the SNC performance, the measured

worst-case stabilization time is below 700 ns with the A-FTL assistance to satisfy the

stabilization time for the RCD application. And the SNC-PLL retains below -237 dB

FoMJITTER performance from 1.8 GHz to 3.2 GHz operation.

Secondly, a RO-based ILCM with the MPC that utilizes the intrinsic multi-phase

generation capability of the RO is presented. The proposed MPC is one of the indis-

pensable two-point calibration methodologies to ensure its normal operation and se-

cure its remarkable jitter performance. Since the free-running frequency information is

contained in the pre-injection phases, the FE calibration can be performed without any

hardware overhead. In addition, the high bandwidth of FE calibration as well as full
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injection effects is attained simultaneously, which overcomes the trade-off relationship

between the FE calibration and the injection effect in the conventional pulse-gating

method. The PO calibrator identifies the phase shift in the post-injection phases, which

makes the MPC-ILCM converge to the minimum reference spur point. All calibration

loops operate at the reference clock rate, thus enabling a low-power implementation,

whereas the PD and RDC operate at the oscillator clock rate in the RDC-based ILCM.

Through a time-domain analysis, the equations for the residue phase offset in the

steady state are derived, which corresponds to the residue FE and the indicator of

how much the deterministic jitter remains. Fabricated in a 28-nm CMOS technology,

the proposed MPC verifies a low-jitter and low-reference-spur RO-based ILCM. The

MPC-ILCM achieves an integrated RMS jitter of 143.6 fs with a –77.9 dBc reference

spur at 4.8 GHz operation. The MPC sustains a successful injection-locked condition,

hence both the integrated RMS jitter and reference spur performances are maintained

with supply voltage variations. The performance variations with respect to the injection

strength, the gain of the FE calibration, and the gating rate that corresponds to effective

injection strength are also presented. It achieves the best jitter-and-power FoM of –

247.1dB and the lowest reference spur among the state-of-the-art RO-based ILCM

with background calibration techniques.
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Chapter A

Notes for PLL in the RCD

The input reference clock of the SNC-PLL presented in the previous chapter 3 is

applied from the Signal Vector Generator, which does not represent the actual condi-

tions of the RCD application. There is a separate printed circuit board (PCB) for mea-

suring the output clock jitter of the RCD chip, and the ADVANTEST equipment is used

for verifying overall functional operations and checking voltage and timing margins

through various test vectors. In this appendix, additional logic of the PLL in the RCD

that uses the built-in feature of the PLL as a zero-delay buffer is provided. Furthermore,

the behavioral simulation results of the robustness against voltage fluctuations and the

jitter transfer function that emulates the actual RCD conditions are addressed. It can

be used as a jitter estimation for the predictable voltage fluctuation and determines

whether the amounts of jitter peaking and bandwidth meet each constraint of the RCD

under the actual conditions. Lastly, the output clock jitters of YCK in DDR4 RCD chip

under different conditions measured by the ADVANTEST equipment are presented.
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Figure A.1: Block diagram of PLL in RCD as zero-delay buffer.
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Figure A.2: (a) continuous and (b) request-driven DM operation and (c) its simulation
result of (b) case.
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A.1 PLL as Zero-Delay Buffer

Figure A.1 shows the block diagram of the SNC-PLL. Compared with figure 3.18,

the two noticeable different parts are observed. The first part is the logic related to the

clock stop signal, SCLK STOP. SCLK STOP is sampled twice by the divided clock by 8,

and it guarantees a clock toggling of at least 16 cycles after SCLK STOP is received. The

second is the delay monitor (DM) and the replica blocks of the clock path placed in

the PLL feedback path, which includes a phase interpolator (PI), a clock tree (CT),

an output buffer (OB), and an input buffer (IB). Even though the jitter performance

is further degraded by the increased effective loop delay due to the replica blocks in

the feedback path, they are added in order to perform the role of a zero-delay buffer.

The reason why the zero-delay buffer should be adopted is for the asynchronous delay

tPDM, which is one of the most important performance metrics of the RCD application

and is defined as a propagation delay from DCK t/DCK c falling edge crosspoint to

output [4, 5]. Therefore, the phase-locked state that is the intrinsic feature of the PLL

is used so that tPDM is quite robust to PVT variations. In addition, the DM quantizes

the propagation delay of each replica block with the tCK/64 resolution. To reduce

power consumption due to the DM during a normal operation, the DM operates when

the request signal, SDM REQ, is applied as shown in figure A.2(b). The simulated DM

operation is shown in figure A.2(c).
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A.2 Practical Behavioral Simulation

Since the input reference clock applied from the Signal Vector Generator does

not represent the actual input clock in the RCD application, the behavioral simulation

is performed in accordance with the input clock differential jitter specification of

[5]. Figure A.3 shows the input-to-output jitter transfer function derived from the

behavioral simulation at 2.4 GHz operation of DDR5-4800. The jitter peaking of 1.4

dB and the loop bandwidth of 78 MHz (0.03*fclock) are observed from the figure A.3.

It satisfies the maximum jitter peaking value of 3 dB and the minimum bandwidth of

0.01*fclock, according to [5]. Figure A.4 shows the simulated time trend of the output

clock, the cycle-to-cycle (CC) jitter, and the half-period (HP) jitter with the supply

voltage ramping of –100 mV during 1 µs. It is observed that the peak-to-peak CC

jitter and HP jitter during about 2.5 µs are 6.8 ps and 3.8 ps, respectively, while the

phase-locked state is maintained even in the supply fluctuations of –100 mV.

 

About  78  MHz  =  0 . 033  *  f clock 

Jitter peaking  :  1 . 4  dB 

Figure A.3: Input-to-Output Jitter Transfer Function of PLL in RCD
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Cycle - to - cycle 
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Frequency 

pp :  3 . 8 ps 

Figure A.4: Simulated frequency time trend and the jitter with supply fluctuation.

A.3 Additional Measurement from ADVANTEST

In figure A.5, the period jitter, the CC jitter, and the time interval error (TIE) are

measured through an oscilloscope with a single-ended ground termination by soldering

the SMA connector to Y0 t/Y0 c of the DDR4 RCD on the tip-shaped test PCB. This

method can measure the all integrated noises involved in YCK output, but it is not

the ideal condition for measuring the actual jitter. The comparison of the results of

competitors is rather a more reliable interpretation. According to the table A.6, there is

no jitter degradation due to a data pattern, and it is presumed that the dominant noise

contributor is PI. In addition, figure A.7 confirms the fast stabilization even in a wide

supply range of 1.0 V to 1.4 V.
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Figure A.5: Measurement setup for DDR4 RCD with ADVANTEST equipment



APPENDIX A. NOTES FOR PLL IN THE RCD 126

Measurement 

Control Period Cycle-to-Cycle TIE

Jitter [psRMS]

2.207 3.677 3.225IDLE

2.123 3.526 3.290Operating
1

2.071 3.470 3.223Gain change2

1.676 2.725 2.679VDD 1.4 V

3.175 5.412 3.418VDD 1.0 V
3

1.859 3.096 2.735V.S./Mod./On4

1.816 3.034 2.568Fast 2x

1.745 2.919 2.617Fast 4x5

1.632 2.734 2.684Fast 8x

1.632 2.734 2.684Sample #1

1.676 2.752 2.654Sample #26

1.563 2.622 2.610Sample #3

1.371 2.347 1.906A

1.403 2.418 2.261B7

2.237 3.749 3.157C

* Measurement Control Description

1) Operating condition : IDLE state and operating state

2) PLL gain swep

3) High & Low supply voltage

4) YCK Strength (very strong) / slew : moderate / duty control : On

5) PI bias strength control

6) Other Samples

7) Other Samples of competitors

Figure A.6: Measured Y0 t output jitter of DDR4 RCD
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Measurement 

Control
Stabilization Time [ns]

4001.0 V

1201.2 VVDD

1201.4 V

Figure A.7: Measured stabilization time of DDR4 RCD
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초록

광대역작동에대한수요가증가하고전력소비를줄이기위한하위속도구조가

유망해짐에따라,넓은주파수범위와다상생성기능을갖춘링발진기가 LC공진기

의대체품으로유망하다.그러나능동소자의전파지연에의해주파수가결정되는

링발진기는전원잡음에취약하고 LC공진기에비해위상잡음성능이취약하다는

단점을갖는다.본논문에서는링발진기기반클럭발생기의두가지주요한단점을

극복하기위한해결법을제안하고,각해결법은칩설계를통해검증된다.

먼저,자체적으로전원잡음을보상하는기술이적용된링발진기기반의 DDR5

RCD용위상고정루프를제시한다. DDR5 RCD에적용가능한전제조건을고려하

여,큰정적전압마진으로낮은주파수민감성을달성하는개방루프형전원잡음을

보상하는링발진기를제안한다.이기술은피드백을사용하지않고위상고정루프

의대역폭과독립적으로동작하기때문에,대역폭중첩과관련된안정성문제로부터

자유로우면서동작환경에관계없이전원잡음보상성능을유지할수있다.또한시

동 회로를 필요로 하지 않고, 안정화 시간을 저하시키지 않는다. 제안된 전원 잡음

보상 기술의 정적 및 동적 특성에 대한 정량적 분석과 설계 지향적 고려 사항에 대

해다룬다. 28나노미터 CMOS공정으로제작된프로토타입칩의측정결과를통해

RCD 제품의 전원 잡음 보상 기술과 관련된 전제조건을 만족하는 것을 보인다. 본

위상고정루프는 40 dB의최고 PSNA성능을달성하고, 10 MHz까지 20 dB이상의

PSNA성능을유지한다.임의공급잡음의경우, RMS지터성능이평균적으로약 65

% 개선된다. 본 위상 고정 루프는 3.0 GHz 동작에서 12.1 mW의 전력을 소비하고,
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공금전원잡음이없는환경에서 271 fs의 RMS지터를달성한다.

두번째로는 링 발진기의 고유한 다중 위상 생성 기능을 활용하는 새로운 백그

라운드보정기술이포함된주입고정클럭합성기를제시한다.링발진기의잡음을

줄이기위한높은억제대역폭을달성하기위해주입고정기술이사용된다.그러나

정상 동작을 보장하고 뛰어난 지터 성능을 확보하기 위해 필수적인 2점 교정을 필

요로한다.주입펄스속도로동작하는주파수오류보정기는높은주파수오류보정

대역폭과완전한주입효과가동시에달성되어,링발진기의플리커잡음을더욱억

제시켜훨씬더낮은지터를달성하는데기여한다.경로오프셋보정기는다상기반

조정기술의주입고정클럭합성기가보정이후남아있는주파수오류가최소화가

되어 최소 기준 스퍼의 위치로 수렴되도록 한다. 정상 상태에서 주입 고정 동작에

대한시간영역분석과다중위상보정기의자세한동작에대해다룬다. 28나노미터

CMOS 공정으로 제작된 다중 위상 보정기는 4.8 GHz 동작에서 –247.1 dB의 FoM

과 143.6 fs의 낮은 지터 및 –77.9 dBc의 낮은 기준 스퍼를 갖는 링 발진기 기반의

주입고정클럭합성기를입증한다.다중위상보정기는성공적인주입잠금상태를

유지하여, RMS지터와기준스퍼성능이공급전압변동에도유지된다.

주요어:위상고정루프,주입고정클럭합성기,전원잡음보상,주입고정,

2점교정,다중위상보정기, RCD

학번: 2018-29700
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