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Abstract
In this dissertation, I present an efficient receiver design for wireless communication systems using an emerging communication systems standard.
First, I studied methods to mitigate phase noise in single-carrier (SC) frequency domain equalization (FDE) systems based on IEEE 802.11ad, which is the foremost wireless local area network (WLAN) specification that uses millimeter-wave (mmWave)
bands. Specifically, I proposed a technique to mitigate the residual phase noise after
applying conventional phase noise mitigation methods. The proposed technique provides a precise estimated signal-to-noise ratio (SNR) value under severe phase noise
conditions and reflects the power of the residual phase noise, which is difficult to compensate, in the SNR estimation. Then, the residual phase noise is suppressed during the
data-field SC-FDE process using the estimated SNR. The proposed method can effectively mitigate residual phase noise even in non-line-of-sight (NLOS) environments. In
a severe phase noise environment with -82 dBc/Hz low-frequency component power
(PSD0) of the one-pole one-zero phase-noise model, the mean SNR estimation error
using the proposed method is less than 3 dB, whereas the mean SNR estimation error using the conventional method is over 10 dB. Moreover, the standard deviation of
the estimated SNR using the proposed method is less than 0.5 dB, whereas that of
the conventional method is over 2 dB. The link-level simulation results show that the
packet error rate (PER) performance using the proposed method can reach 1% at 36 dB
SNR with 64-QAM modulation, 13/16 code-rate, and -88 dBc/Hz PSD0, whereas the
PER performance using the conventional method for the same simulation environment
cannot reach 1% even at 40 dB SNR.
Next, I propose an integrated receiver design that can apply the proposed phase
noise mitigation method to both SC and orthogonal frequency-division multiplexing
(OFDM) schemes, which are supported by the IEEE 802.11ad standard. The proposed
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integrated receiver can effectively share the architecture of the SC receiver which includes modules for efficient phase noise mitigation, and the phase noise mitigation
method for SC transmissions can be applied to OFDM transmissions. The link-level
simulation results show that the required SNR to achieve 1% PER is reduced by 1.2 dB
and 0.9 dB for 16-QAM and 64-QAM OFDM transmissions, respectively, by applying
the proposed method under severe phase noise conditions.
Finally, I studied how to increase the implementation feasibility of fifth-generation
(5G) mobile communications systems. Specifically, I focused on the newly introduced
forward error correction (FEC) technology, polar codes, which has not been used in
past communication systems. For the decoding of polar codes, a list successive cancellation decoder, which guarantees promising performance, is widely used. However,
the L numbers of the smallest path metric values are extracted from 2L numbers of the
extended path metric values for decoding every sequential information bit, i.e., long
decoding latency is induced by the path metric extraction process. This path metric
extraction process is performed by sorting the 2L numbers of extended path metric
values and requires a long sequential process. To reduce this latency, I proposed a
method that extracts the L path metric values without any sorting process. The proposed method adopts the pipelined heuristic extraction method, which does not sort
the path metric values but extracts values smaller than a threshold value. To determine
the threshold value, I analyzed the distribution of the path metric values according
to each information bit index. This extraction procedure is performed repeatedly until the L path metric values are completely extracted. To verify the effectiveness of
the proposed extraction method, I performed block-error-rate (BLER) simulations for
5G control and broadcast channels. The simulation results show that the mean logical
latency (sequential stage) of the proposed extraction method is less than 1.1. The required SNR to achieve 0.1% BLER is degraded by less than 0.06 dB compared to that
using an exact sorter, regardless of the list size L.
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By applying the techniques proposed in this work, the baseband reception performance and implementation feasibility of beyond 5G wireless communication systems
can be improved.

keywords: phase noise mitigation, channel estimation, signal-to-noise ratio estimation, polar code, list decoding, path metric extraction.
student number: 2016-30210
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Chapter 1

INTRODUCTION

Recently, there has been growing interest in beyond-fifth-generation (B5G) wireless communication systems that use the millimeter-wave (mmWave) band. These systems aim to use wide bands of the high carrier frequency bands that have not been
used previously. Interest in the mmWave band does not depend on the communication standard used. For example, the IEEE 802.11 working group (WG) began standardizing the IEEE 802.11ad standard in 2009 by assuming the use of 60 GHz unlicensed bands and released this scheme in 2013. This specification was the standard
that first used using 60GHz and attracted attention as the transitional standard for the
next-generation mmWave wireless local area network (WLAN) specification, the IEEE
802.11ay, scheduled for first release in 2020. Meanwhile, in the field of mobile communication systems, the 28 GHz band is introduced as the main band for 5G mobile
communication systems. In this emerging communications standard, it is necessary to
look back on the problems that have not been considered significant in conventional
systems. In addition re-examining the existing degradation factors, the performance
improvements of the newly added elements, such as polar codes in 5G communications systems, that are adopted by emerging communications systems are examined.
The influence of phase noise can be considered as the first factor to revisit. Phase
noise is caused by imperfections of the local oscillator. When systems use the conven-
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tional local oscillator, the intensity of phase noise is several times stronger in mmWave
communications systems compared to that in conventional low-carrier-frequency systems. Specifically, in single-carrier (SC) communications systems with mmWave carrier frequency, the strength of the signal distortion can be greater. Therefore, I analyzed the effects of phase noise in wireless communication systems based on the IEEE
802.11ad standard and proposed a technique to mitigate them. In addition, to design
a transceiver based on IEEE 802.11ad that requires consideration of transmitting and
receiving signals using OFDM, a receiver design technique that utilizes the same technique as OFDM is studied.
For the improvement of the newly added elements, I investigated the implementation feasibility of polar codes, which are introduced for the forward error correction of
5G control and broadcast channels. Polar codes form an algorithm that is less burdensome to implement based on the sequential decoding manner and provides flexibility
such as using software in the implementation. However, compared with other forward
error correction codes, such as low-density parity-check codes, it has the disadvantage of low performance for short codeword lengths. To overcome this drawback, a
list decoding method is introduced, but this decoding method has a long processing
delay due to the need to determine the priority of each path metric. Therefore, I have
studied techniques to reduce this processing delay time. The proposed technique significantly reduces processing latency and shows competitive performance based on the
methodology for fully determining the priority of path metrics.
The rest of this dissertation is organized as follows. In Chapter 2, I analyze the
effect of the phase noise and introduce a mitigation method for SC frequency domain
equalization systems based on IEEE 802.11ad. An integrated SC and OFDM receiver
design for efficient phase noise mitigation using this standard is introduced in Chapter 3. The complexity and latency reduction method for list successive cancellation decoder of polar codes is presented in Chapter 4, and concluding remarks are presented
in Chapter 5.

2

Chapter 2

SNR Analysis and Estimation for Efficient Phase Noise
Mitigation in Millimeter-Wave SC-FDE Systems

2.1

Introduction

Recently, extensive studies have focused on the feasibility of wireless communication
systems operating in millimeter-wave frequency bands. To exploit a wide range of frequency bands, single-carrier frequency-domain-equalization (SC-FDE) is considered
as a promising technique for millimeter-wave communication systems [1, 2]. As a result, the millimeter-wave system standards, including IEEE 802.11 ad/ay and IEEE
802.15.3c, have already adopted the single-carrier transmission scheme as a mandatory technique and the SC-FDE-aided packet structure as a practical solution [3].
Furthermore, recent surveys have emphasized the necessity of higher order modulation schemes using a single-carrier-physical layer (SC-PHY) to achieve higher datatransmission rates [4].
In many respects, the single-carrier transmission is suitable for a millimeter-wave
communication system, but practical challenges exist in applying a higher order modulation scheme. The main cause of this limitation is the imperfect cancellation of the
phase noise [5]. The phase noise originates from the jitter in the local oscillator and
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occurs both at the transmitter and receiver. It is usually modeled as a multiplicative
noise on the original signal, and its power is concentrated in the low-frequency components [6].
The phase noise is a subject of constant concern both in the implementation of radio frequency integrated circuits (RFICs) and the received signal processing in wireless
communication systems [7]. Many researchers have attempted to reduce the amount
of phase noise generated from RFICs in the aspect of practical hardware design. However, additional requirements still exist for the phase noise mitigation algorithm in
the aspect of signal processing because the phase noise cannot be perfectly eliminated
from RFICs. Furthermore, as the carrier frequency of wireless communication systems
moves to higher bands (i.e., millimeter-wave bands), the performance degradation due
to the phase noise is more prominent; this is especially true for millimeter-wave communication systems [8, 9]. For example, the level of phase noise increases as much
as 20 times in wireless communication systems using 60 GHz bands compared to
those using 5 GHz bands [8]. As the millimeter-wave band radio technology market is growing, signal processing techniques for mitigating phase noise are gaining
more attention to satisfy the requirements of millimeter-wave communications systems [10, 11, 12, 13].
Some studies have suggested iterative phase noise tracking methods to mitigate
the phase noise in millimeter-wave SC-FDE systems [11, 12, 13]. These methods assumed that the phase distortion in the received signal due to phase noise can be traced
using an iterative algorithm. However, the iterative procedure on data-field reception
drastically increases the computational complexity because FDE, which takes a significant amount of computational loads, is included in every iteration. Moreover, these
methods assumed that the phase noise exerts a minor effect during the channel and
signal-to-noise ratio (SNR) estimation in the channel-estimation field (CEF). In fact,
the phase noise affect regardless of the field of the received signal, and the distorted
received CEF significantly degrades the estimation performance of the channel and
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SNR. Inaccurate channel and SNR estimation can eventually degrade the performance
of minimum-mean-square-error (MMSE) equalization and phase noise mitigation. In
addition, the conventional SNR estimation algorithm for a SC-FDE system did not
investigate the effect of the phase noise [14].
The present study discusses the effect of phase noise on the SNR estimation and
proposes an accurate SNR estimation method that considers the phase noise. First, the
effect of a phase noise on channel estimation, SNR estimation, and data-field reception
is investigated. According to the analysis, an SNR estimation algorithm is introduced
to enhance the performance of the FDE and conventional phase noise mitigation algorithm. The proposed algorithm effectively estimates the SNR under a severe phase
noise level, by considering the phase noise estimation error. To confirm its effectiveness, the proposed algorithm is compared with the conventional SNR estimation and
iterative phase noise mitigation algorithms under various phase noise levels through
the link-level simulation.

2.2

System Model

The packet structure of IEEE 802.11ad is shown in Fig. 2.1 [3] as a reference model
of SC-FDE. The CEF of the packet preamble is composed of a series of Golay sequences. These sequences consist of two types of long sequences with complementary
U
V
characteristics, namely, gU = [g0U , g1U , · · · , gN
] and gV = [g0V , g1V , · · · , gN
],
L −1
L −1
B
with same length NL , and one short sequence −gB = −[g0B , g1B , · · · , gN
] with
B −1

length NB . −gB is a guard sequence of gV . The head part of gV , which has the same
sequence as −gB , acts as a guard sequence of gU . The property of two long sequences
is expressed as
1
NL

NX
L −1

U
(gkU gk−l
)=

k=0

1
NL


 1 (l = 0)
V
(gkV gk−l
)=
.
 0 otherwise

NX
L −1
k=0

(2.1)

The data-field consists of consecutive SC-PHY symbol blocks with length N . The

5

6

…
…
NL

gV

NB

-gB

GI

SB

N

Data Symbols

SB

…

Data-Field

Figure 2.1: Reference model of the SC-FDE packet structure based on IEEE 802.11ad

- GI : Guard Interval
- SB : Symbol Block

NL

gU

Channel Estimation Field

GI

SB

symbol block includes a series of mapped data symbols according to the modulation
scheme and a guard interval. The guard interval is made up of Golay sequences known
by both the transmitter and receiver. The baseband packet signal is converted to a
passband signal and transmitted through the channel.
At the receiver, the received passband signal is converted to a baseband signal.
During both conversion processes, the transmitted and received signals are distorted
by the phase noise. The following description represents the received signal, which
considers the phase noise. The p-th time sample of the baseband received signal is
expressed as
rp = e

jθpR

D−1
X

!
hd e

T
jθp-d

sp-d

+ wp

(2.2)

d=0

where sp is the p-th time sample of the baseband transmitted packet; hd (d = 0, 1, · · · , D−
1) is the channel coefficient of the d-th path in the multipath propagation channel with
maximum delay spread sample D − 1; and θpT , θpR , and wp are the p-th time samples of
the transmitter phase noise, receiver phase noise, and thermal noise, respectively. The
power of θpT and θpR is concentrated in the low-frequency components. wp is independent and identically distributed with a zero mean.
As an initial reception process, channel impulse response is estimated in the received CEF using the property in (2.1) [13]. The estimated channel impulse response
b
hd is given by
b
hU + b
hVd
b
hd = d
2
N −1+d
1
1 LX U U
=
rk gk−d +
NL
NL

NLX
−1+d

k=d

V
rkV gk−d

(2.3)

k=d

U and the
where rkU is part of the received CEF that corresponds to reception of gk-d
V ; r V is part of the received CEF that corresponds to reception of g V
head part of gk-d
k-d
k
B . b
U
bV
and −gk-d
hU
d and hd denote the estimated channel impulse response using rk and

b n (n = 0, 1, · · · , N − 1) is
rkV , respectively. Estimated channel frequency response H
obtained from b
hd by applying fast Fourier transform.
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The packet SNR is estimated using the power of the received CEF and b
hd . Conventional SNR estimation algorithm [14] considers only the effect of thermal noise in b
hd .
The estimated channel impairment due to the other factors, including the phase noise,
is not considered. Let PS , PN , NC , NH and UR denote the transmitted signal power,
noise power, CEF length, b
hd length, and ratio NC /NH , respectively. NH is set to NB .
The noise power in b
hd is suppressed to PN /UR . In the conventional SNR estimation
P C −1
2
algorithm, PR = N1C N
p=0 |rp | denotes the average received signal power of the
P H −1 b 2
CEF and is regarded as PS + PN without phase noise. PH = N
d=0 |hd | denotes
the total power of b
hd , and is assumed to be PS + PN /UR without phase noise. Then,
the estimated SNR using conventional SNR estimation algorithm SNR conv is given by
SNR conv =

UR P H − P R
PS
≈
.
UR (PR − PH )
PN

(2.4)

During the data-field reception, FDE is performed on each symbol block of datab n and SNR conv [2]. The FDE consists of three processes: fast Fourier
field using H
transform, equalization, and inverse fast Fourier transform. As an initial FDE procedure, a set of received symbols rp is split into a series of symbol blocks, and converted
into a frequency-domain signal through fast Fourier transform. Then, the frequencydomain expression of the received symbol block is expressed as


N
−1
N
−1
X
X

Rn =
ΘR
ΘTq Sn-m-q  + Wn
m Hn-m
m=0

(2.5)

q=0

where n is the frequency-domain subcarrier index with n = 0, 1, 2, · · · , N − 1. The
variables represented in capital letters, namely, Rn , Sn , Hn , ΘTn , ΘR
n , and Wn , repreT

R

sent the frequency responses of split rp , sp , hp , ejθp , ejθp , and wp , respectively. The
index of the symbol block is omitted from the equation for convenience of description.
All indexes that exceed the range from zero to N − 1 in the frequency-domain are
circularly allocated. To ensure performance in severe fading channel, equalization is
performed using the MMSE equalization algorithm. The MMSE equalization is performed by multiplying the MMSE equalization coefficient to Rn in (2.5). The MMSE
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equalization coefficient Qn is expressed as
Qn =

b n )∗
(H
b n |2 + 1/SNR conv
|H

.

(2.6)

The MMSE equalization output signal is converted into a time-domain signal via inverse fast Fourier transform.
After the FDE, phase noise mitigation is conducted using the tracking-based phase
noise mitigation algorithm with soft-decision decoding [13]. The use of the FDE output signal is advantageous for phase noise mitigation because the limited transmission
signal set of soft-decision decoding according to selected modulation scheme reduces
the complexity of the phase noise mitigation. Let θep and w
ep denote the p-th phase noise
and noise of the FDE output signal, respectively. Then, FDE output signal rep is given
by
ep .
rep = ej θp sp + w
e

(2.7)

The instantaneous phase error φp is defined as phase difference between rep and the
b
soft-decision of e−j θp rep , where θbp is the estimated value of θep . Then, θbp can be ac-

quired by extracting the low-frequency component of φp . However, it is contradiction
b
that θbp is obtained using e−j θp rep . Therefore, instantaneous phase error φbp , which de-

notes the phase difference between rep and e−j θp-1 rep , is used instead of φp when estib

mating θbp . This is reasonable because the phase noise is concentrated in low-frequency
components and is strongly correlated between adjacent symbols. As an example, a
one-tap least-mean-square filter was used for phase noise mitigation in [13].

2.3

Proposed Analysis and SNR Estimation Method

This section presents the analysis of the signal distortion during two processes in the
receiving side. One is the channel estimation and its corresponding SNR estimation,
and the other is the data-field reception. Based on both analyses, an SNR estimation
algorithm that reduces the SNR estimation error and enhances the performance of
MMSE equalization and phase noise mitigation is proposed.
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2.3.1

Effect of Phase Noise on the Channel and SNR Estimation

To observe the signal distortion due to the phase noise in the channel estimation, (2.3)
is revisited. The first half of the CEF, namely, gkU , is considered in the following equation:
1
b
hU
d =
NL
1
=
NL

NLX
−1+d
k=d
D−1
X

hd0

d0 =0

jθkR

e

D−1
X

!
hd0 e

T
jθk-d’

U
gk-d’
+ wk

d0 =0
NLX
−1+d

U
gk-d

!

R
T
U
U
ej(θk +θk-d’ ) gk-d’
gk-d

+√

k=d

1
w
ed
NL

1
≈hU-DF
hd + √ w
ek ,
d
NL

(2.8)

where distortion factor hU-DF
is
d
hU-DF
d

1
=
NL
jθdC

=e

NLX
−1+d

!
e

T )
j(θkR +θk-d

k=d

PNL −1+d
k=d

NL

F

ejθk,d

!
.

(2.9)

In (2.9), terms that correspond to d0 6= d are ignored based on the property in (2.1).
PNL −1+d R T
θdC = N1L k=d
(θk +θk-d ) is the common phase error within the cross-correlation
T − θ C is the fluctuation component of phase
F
= θkR + θk-d
window of path d. θk,d
d
F is zero
noise within the cross-correlation window of path d. Obviously, when θk,d

regardless of k from d to NL − 1 + d, the amplitude of hU-DF
is unity. However,
d
F varies according to the change in k in a severe phase noise level. Therefore, the
θk,d

amplitude of hU-DF
becomes less than unity. hU-DF
is almost similar regardless of d
d
d
because the cross-correlation window length NL is significantly larger than d, (d =
0, 1, · · · , D − 1). Consequently, hU-DF
is simply expressed as hU-DF .
d
Similarly, the distortion factor of gkV can be characterized as hV-DF . The value of
the common phase error in hV-DF differs from that in hU-DF , because receiving gkV
follows after receiving gkU with interval NL . As a result, the amplitude loss of total
1
distortion factor hDF = (hU-DF + hV-DF )/2 on b
hd = hDF hd + √2N
w
ek becomes worse
L
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than each of hU-DF and hV-DF . The amplitude loss due to hDF is not negligible in a
severe phase noise condition. The phase distortion ∠hDF in the channel estimation is
revealed to be almost constant irrespective of d.
To analyze the effect hDF on the SNR estimation, (2.4) is revised. Assuming PR =
PS + PN in Section 2.2 remains valid because the phase noise does not create gain
variation. On the other hand, PH is smaller compared to PS + PN /UR because of hDF
being less than unity. Therefore, PH should be newly calculated as PS + PN /UR − PP
considering the phase noise, where PP represents the power error caused by hDF . Then,
SNR conv is calculated as
SNR conv =

R
PS − UU
PP
UR P H − P R
PS
R −1
<
.
=
U
R
UR (PR − PH )
P
PN + UR −1 PP
N

(2.10)

That is, the SNR is underestimated with the conventional algorithm in the presence
of the phase noise. This estimation error in the channel estimation and corresponding
F in the CEF. Therefore, θ F in the CEF should be
SNR estimation originates from θk,d
k,d

compensated to achieve a precise SNR estimation.

2.3.2

Data-Field Reception

The analysis of the signal distortion due to the phase noise and fading channel is difficult because the applied channel condition of the received signal cannot be completely
resolved by FDE. Meanwhile, the conventional phase noise mitigation algorithms aim
to mitigate the phase noise after the FDE. In this circumstance, the received signal
needs to be analyzed in a form that can be handled using conventional tracking-based
phase noise mitigation at the FDE output signal. In order for the phase noise in the FDE
output signal to be in its desired form and mitigated using conventional tracking-based
R

T

phase noise mitigation algorithm, ej(θp +θp ) sp must be set as a target FDE output signal. Then, (2.5) can be reformulated using the term related to the target FDE output

11

signal and the remainder terms:


N
−1 N
−1
X
X
T

Rn =Hn 
ΘR
m Θq Sn-m-q
m=0 q=0

+

N
−1
X


A 
ΘR
m Hn,m

N
−1
X

m=0

|


ΘTq Sn-m-q  + Wn

(2.11)

q=0

{z

Additional noise: WnA

}

A denotes H
where Hn,m
n-m − Hn . The corresponding time-domain equation can be exPD−1
R
T
pressed as rp = d=0 hd ejθp-d sp-d + wpA + wp , where ejθp and wpA denote ej(θp +θp )

and time-domain expression of WnA .
Additional noise WnA goes to an ignorable level in line-of-sight (LOS) environA approaches a negligible value in a wide
ments because Hn has a unit gain and Hn,m

coherent bandwidth. Even if the coherent bandwidth becomes narrow in non-LOS
A can be ignored for a small value of m. For a value m
(NLOS) environments, Hn,m
A cannot be ignored. However, the
that lies outside of the coherent bandwidth, Hn,m

power of the phase noise is concentrated in the low-frequency components, unlike that
A . Consequently, the relatively strong frequency components of ΘR and H A
of Hn,m
m
n,m

are weakened by each other.
In SC-FDE systems, the MMSE equalization aims to equalize the channel condition and suppress the noise using the estimated SNR. Thereafter, no further noise
suppression is considered in the absence of the phase noise. The FDE output signal is
used as an input to soft-decoding and followed error correction.
When there is phase noise, it is advantageous to perform the phase noise mitigation after the FDE in terms of the complexity. If the phase noise can be completely mitigated after the FDE, the MMSE equalization is sufficient as in the conventional systems. However, the phase noise mitigation usually focuses on mitigating
low-frequency components and results in the residual high-frequency error. This phase
noise estimation error forms another additional noise W nE . To interpret this, let Θm
b m be the frequency-domain expression of ejθp and its estimated phase noise,
and Θ
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respectively. Then, (2.11) is rewritten as follows with respect to the estimation error:
!
N
−1
X
b m Sn-m
Rn =Hn
Θ
m=0
N
−1
X

+ Hn

!
+ WnA + Wn ,

b m )Sn-m
(Θm − Θ

(2.12)

m=0

|

{z

Estimation Error: WnE

}

where WnE has relatively equal power over all frequency components. Therefore, WnE
should be considered in the SNR estimation and corresponding Qn calculation.
The phase noise from the transmitter and receiver can be handled similar to that in
a non-fading channel with respect to the noise power in an FDE input signal. In this
circumstance, the MMSE equalization in the FDE should be focused on suppressing
the phase noise mitigation error beforehand, rather than only resolving the channel
condition between the transmitter and receiver.

2.3.3

Proposed SNR Estimation

In Section 2.3.1, I presented the estimated channel and corresponding estimated SNR
distorted by the presence of a phase noise. Furthermore, the estimation error in the
data-field reception discussed in Section 2.3.2 was not considered in the SNR estimation. To resolve this problem, the CEF reception procedure is revisited by focusing on
the target signal for channel estimation.
R

T

In Section 2.3.2, the target signal in the data-field reception is set as ej(θp +θp ) sp
because the phase noise mitigation is conducted after the FDE. However, the target
signal for the channel estimation in the CEF reception is different because the channel
estimation and corresponding SNR estimation consider the channel condition itself
P
as a target signal. Here, D−1
d=0 hd gp-d is set as the target signal for the CEF reception. gp is the components of the concatenated CEF sequences g = [gU , gV , −gB ] =
[g0 , g1 , · · · , gNC −1 ]. Gn (n = 0, 1, · · · , NC − 1) is the frequency-domain expression
of gp . Transmitted signal of the CEF reception is a long Golay sequence. Then, (2.11)
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is rewritten as follows:
Rn =

NX
C −1 NX
C −1
m=0

+

T
ΘR
m Θq Hn-m-q Gn-m-q

q=0

NX
C −1



ΘR
m

NX
C −1

m=0


ΘTq Hn-m,q Gn-m-q  + Wn ,

{z

|

(2.13)

q=0

}

Additional noise: WnCEF-A

where NC is the length gp . The corresponding time-domain expression of (2.13) can
be written as
jθp

rp = e

D−1
X

!
hd gp-d

+ wpCEF-A + wp .

(2.14)

d=0

The power of each term in (2.13) is equivalent to the corresponding terms in (2.11).
Therefore, WnCEF-A and its time-domain expression wpCEF-A in (2.14) are also negligible.
The distortion factor of the estimated channel using (2.14) can be calculated with
the same manner in Section 2.3.1. The distortion factor of received gkU is given by
j θedC

e
hU-DF
=e
d
where θedC =

1
NL

PNL −1+d
k=d

PNL −1+d
k=d

NL

eF

ej θk,d

!
.

(2.15)

(θkR + θkT ) is the common phase error within the cross-

F = θR + θT − θ
eC is the fluctuation
correlation window of path d in (2.14), and θek,d
k
k
d

component of phase noise within the cross-correlation window of path d in (2.14).
e
hU-DF
is has almost the same value regardless of d, (d = 0, 1, · · · , D − 1) and is simd
ply expressed as e
hU-DF e
hV-DF and e
hDF have also similar values with hV-DF and hDF ,
respectively, in Section 2.3.1. In this circumstance, the major cause of the channel
F . θ
eF can be reand SNR estimation errors is also interpreted as the presence of θek,d
k,d

garded as the phase change in the entire received CEF in (2.14), and is represented as
θepCEF-F = θp − θepCEF-C where θeCEF-C is the common phase change of the whole received
CEF. Consequently, θepCEF-F should be mitigated during the received CEF reception to
suppress the amplitude distortion of b
hd .
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In addition, WnE in the data-field reception should be suppressed in the MMSE
equalization. However, it is difficult to suppress the phase noise estimation error because it occurs after the FDE. But if the phase noise estimation error can be taken
into consideration in the SNR estimation process at the CEF reception, the phase noise
estimation error can also be mitigated. In other words, if we keep the consistency of
θepCEF-F mitigation method in the CEF and the phase noise mitigation method in the
data-field receptions, SNR estimation considering the phase noise estimation error can
be achieved.
With these regards, θepCEF-F is estimated by comparing the received CEF rp and
PD−1 b
P
b
its replication d=0
hd gp-d . That is, D−1
d=0 hd gp-d is used as the reference signal for
hd contains distortion factor e
hDF , this approach is reaθepCEF-F mitigation. Although b
sonable because the phase distortion ∠e
hDF is constant over time. To further avoid the
effect of gain distortion |e
hDF |, θepCEF-F mitigation utilizes the phase difference between
P
b
bF
rp and D−1
d=0 hd gp-d , rather than the vector difference. Let φp denote the instantaneous
P
b
phase difference between rp and D−1
d=0 hd gp-d :
φbFp

=∠rp − ∠

D−1
X

!
b
hd gp-d

d=0

≈∠rp − ∠e
hDF − ∠

D−1
X

!
hd gp-d

.

(2.16)

d=0

Then, θepCEF-F is estimated as the low-frequency components of φbFp . The estimated
θepCEF-F is denoted by θbpCEF-F . The θbpCEF-F can be acquired by extracting the low-frequency
components of φbFp . To extract the low-frequency components with low complexity, a
simple moving-average filter with length LC is applied to φbFp . The CEF after phase
noise mitigation is then given by
bCEF-F

rbp = e−j θp

rp .

(2.17)

More accurate estimated channel impulse response and estimated SNR are available
with this rbp : the conventional channel estimation and SNR estimation methods, (2.3)
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Figure 2.2: Receiver architecture of the proposed SNR estimation algorithm

and (2.4), are applied to rbp instead of rp . I denote the resultant estimated channel
impulse response and estimated SNR as b
hR
d and SNR prop . Modified channel frequency
b R also can be obtained using b
response H
hR
n
d . In the data-field reception, the MMSEequalization is performed using modified MMSE-equalization coefficient QR
n , which
is expressed as
QR
n =

b R )∗
(H
n
b nR |2 + 1/SNR prop
|H

.

(2.18)

The phase noise mitigation is performed using the same moving-average filter as in
the CEF reception to keep the consistency of the phase noise mitigation method in the
CEF and data-field receptions.
Fig. 2.2 shows the receiver architecture of the proposed algorithm. The proposed
algorithm does not employ iterative techniques within the data-field reception which
is the main power-consuming process of the packet reception procedures.

2.4
2.4.1

Simulation Results
Simulation Setup

IEEE 802.11ad specification [3] was employed to verify the proposed algorithm. The
detailed simulation parameters are listed in Table 2.1. Modulation and coding schemes
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Table 2.1: Parameters of the SC-FDE system and the simulation
Common Parameters
Sampling rate (MHz)

1760

NL

512

NB

128

N

512

Channel coding

low-density parity-check (LDPC) code

Codeword length

672

Channel model

IEEE 802.11ad: LR NLOS [15]

Phase noise model (Tx/Rx)

One-pole/one-zero model (1/100 MHz) [16]

Information bits / packet

65,536 bits (8,192 bytes)

MCS

12

12.5 [4]

Modulation

16QAM

64QAM

Code rate

3/4

13/16

PHY data-rate (Gbps)

4.62

7.5075

Proposed Algorithm
LC

64

Tested PSD0 (dBc/Hz)

−85, −82, −81

−91, −88

LD

84, 42, 42

84, 42
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(MCS) for high throughput SC-PHY transmissions were used in the simulations [3, 4].
Simulations were performed under various low-frequency power component level,
namely, PSD0, of the phase noise model. The transmitter phase noise was also considered using the same parameter of receiver PSD0. I have realized 20,000 NLOS
channels to simulate each SNR in decibel (dB) unit in a living room (LR) NLOS environment.
For the receiver, the LC of the proposed SNR estimation algorithm is set to ensure the extraction of low-frequency component in φbp in the CEF reception. To avoid
inter-symbol block-interference, FDE output signal rep with index p which lies inside mod(p, N ) ≥ N − d∗ in the guard interval, is excluded in φbp estimation in
the data-field reception. d∗ denotes the time index of the strongest power tap among
c
b
cd : d∗ = argmax |h
h
d d |. Instead, the estimated phase noise on past symbol θp-1 replaces φbp at this moment. To reduce the φbp estimation error for 64QAM signal reception, φbp which has four most low-power constellation of 64QAM as a soft-decoding
results is also replaced by the value of θbp-1 at this moment. For consistency of the
phase noise mitigation method between the CEF and data-field, the moving-average
filter is also applied to the data-field phase noise mitigation with filter length LD , i.e.,
θbp = θbp−1 + (φbp − φbp−LD +1 )/LD . In addition, one more moving-average filter with
length 2LD , which employs φbp as an input, is added for precise phase noise estimation.
F
θbpF = θbp−1
+ (φbp+LD − φbp−LD +1 )/2LD . Then, phase noise mitigation is performed

using θbpF instead of θbp . LD is numerically optimized for each simulation environment.

2.4.2

Comparison of the SNR Estimation Results

According to the analysis presented in Section 2.3.2, the SNR that considers only the
power of Wn does not guarantee minimization of the error in the phase noise mitigation output signal because WnE is not considered in the SNR estimation. Therefore,
the SNR that minimizes the error in the phase noise mitigation output signal may differ from the SNR that considers only Wn . This difference occurs even if the channel
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Figure 2.3: Comparison results of the estimated SNR under −82 dBc/Hz PSD0 (a)
Optimized SNR with hd , optimized SNR with b
hd , and estimated SNR using the conventional SNR estimation, (b) Optimized SNR with hd , optimized SNR with b
hR
d , and
estimated SNR using the proposed SNR estimation
impulse response is ideally estimated. To find the optimal SNR that considers WnE ,
an optimized SNR is numerically searched. The optimized SNR denotes the SNR that
minimizes the error vector magnitude of the data-field after phase noise mitigation,
and is searched in a 0.5 dB SNR interval. On the basis of this optimized SNR, the
accuracy of each SNR estimation technique is compared.
Fig. 2.3 (a) shows the optimized and estimated SNRs of the conventional SNR
estimation algorithm with b
hd under −82dBc/Hz PSD0. For reference SNR, the optimized SNR with hd is also shown. In this figure, the SNR without a phase noise is
precisely estimated. Under a phase noise condition, the optimized SNR with hd shows
a lower SNR than that of the given SNR for wp . This difference comes from WnE . If
hd and the SNR is precisely estimated with the consideration of WnE , the estimated
SNR approaches the numerically optimized SNR with hd . However, the numerically
optimized SNR with b
hd shows a lower SNR compared that with hd , because the gain
of b
hd is distorted by e
hDF . Furthermore, the estimated SNR of the conventional SNR
estimation algorithm could not estimate the precise numerically optimized SNR with
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Figure 2.4: Comparison results of the estimated SNR under various phase noise levels
(a) −85 dBc/Hz PSD0, (b) −88 dBc/Hz PSD0, (c) −91 dBc/Hz PSD0,
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Figure 2.5: Standard deviation of the estimated SNR using the conventional and the
proposed SNR estimations under various phase noise levels
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b
hd due to PP .
Fig. 2.3 (b) shows the optimized and estimated SNRs of the proposed SNR estibR
mation algorithm with b
hR
d under −82dBc/Hz PSD0. hd is obtained during the calculation of the SNR using the proposed SNR estimation algorithm. In this figure, the
SNR is also accurately estimated without a phase noise. Compared to the results in
Fig. 2.3 (a), the optimized SNR with b
hR
d showes an SNR that is closer to the optimized
SNR with hd . The accuracy of the estimated SNR using the proposed SNR estimation
algorithm is also more precise than the estimated SNR using conventional SNR estimation in Fig. 2.3 (a). All simulations in Fig. 2.3 were repeated under various phase
noise levels, and the results are shown in Fig. 2.4. In this figure, our proposed algorithm esitimated SNR more precisely regardless of the phase noise level. In all given
phase noise levels, the estimated SNR differences among each method show the same
tendency, as shown in Fig. 2.4.
Fig. 2.5 shows the standard deviation of the dB scale estimated SNR by the conventional and proposed SNR estimations. The standard deviation of both SNR estimation methods increases with the increase in the applied SNR because a small SNR
estimation error is exhibited in a high SNR with dB scale. For the conventional SNR
estimation algorithm, the standard deviation increases with increase in the PSD0 due
to e
hDF . Compared with the standard deviation of the conventional SNR estimation, the
standard deviation of the proposed method is much smaller. In contrast to the results
of the conventional SNR estimation, the standard deviation of the proposed algorithm
increases with the decrease in the PSD0 because the estimated SNR of the proposed
algorithm becomes higher than the estimated SNR under a severe phase noise level.
From the results, we can verify that the proposed algorithm yields more precise SNR
in a stable manner.
All simulations were repeated in LOS environments to check the effect of WnA .
The differences between the average estimated SNRs in the LOS environments are
within 0.3 dB compared with that in the NLOS environments. From this result, we can
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see that the additional noise WnA does not have a large influence.

2.4.3

Link-Level Simulation Results

To verify the effectiveness of the proposed algorithm, link-level simulations were conducted intensively. The tested SNR ranged from 14 dB to 28 dB and from 22 dB to 40
dB with a 2 dB step for MCS 12 and MCS 12.5, respectively. In the simulation results
of both MCSs, the baseline simulation was performed with no phase noise. PSD0s of
−85 dBc/Hz and −81 dBc/Hz were applied as the lower and severe phase noise levels
for MCS 12, respectively. PSD0s of −91 dBc/Hz and −88 dBc/Hz were applied as the
lower and severe phase noise levels for the highly modulated MCS 12.5, respectively.
All simulations were performed until the packet error rate (PER) fell below 1%, which
is the recommended value for the sensitivity test in [3], within the given tested SNR
range.
Figs. 2.6 (a) and (b) show the PER simulation results of MCS 12 and MCS 12.5,
respectively, in lower phase noise level. Figs. 2.7 (a) and (b) show the PER simulation
results of MCS 12 and MCS 12.5, respectively, in severe phase noise level. In these
figures, I compared four SNR estimation methods, namely, the known SNR, conventional SNR estimation, proposed SNR estimation, and proposed SNR estimation with
b n )∗
(H
b n |2 +1/SNR prop . The known SNR considers only the thermal noise in SNR. The
|H
conventional SNR estimation and proposed SNR estimation uses Qn in (2.6) and QR
n in

QTn =

(2.18) for the MMSE-equalization, respectively. QTn denotes the MMSE-equalization
coefficient for testing, and is designed to verify where the performance improvement
R
comes from two estimated results, b
hR
d and SNR prop , in Qn . The magnified results at

the bottom of the figure are given to show the detailed results in the region pointed by
the arrow symbols. The PER performance that used the conventional SNR algorithm
exhibits a larger required SNR compared with that using the known SNR or the proposed SNR estimation algorithm in both Figs. 2.6 and 2.7 because of the inaccurate
SNR estimation, PP , under a given phase noise level. Furthermore, as the PSD0 in-
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Figure 2.6: PER simulation results of conventional SNR estimation, using known SNR,
proposed SNR estimation, and proposed SNR estimation with QTn in lower phase noise
level (a) for MCS 12, (b) for MCS 12.5
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Figure 2.7: PER simulation results of conventional SNR estimation, using known SNR,
proposed SNR estimation, and proposed SNR estimation with QTn in severe phase
noise level (a) for MCS 12, (b) for MCS 12.5
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Table 2.2: Complexity of the major operations in the phase noise mitigation algorithms
O(·)

Example Value

per time-sample

(IEEE 802.11ad)

Received signal replication

NB

128

FDE (Radix-M FFT and IFFT)

2 logM N

2 log2 512 = 18

creases to the severe phase noise level, the PER of the proposed algorithm exhibits a
better performance than that using the known SNR because the MMSE equalization
with known SNR cannot sufficiently suppress WnE . The importance of the SNR estimation, which considered the impact of the phase noise, was more pronounced in the
higher-order modulation. In the results of the severe phase noise level in Fig. 2.7 (b),
the PER using a known SNR displays an error floor and did not achieve the 1% PER
even in 40 dB SNR. From the comparison results of the proposed algorithm that used
T
QR
n and Qn , we found that the performance improvement originates from the precise

SNR estimation, rather than the precise channel estimation.
To check the efficiency of the proposed algorithm, the iterative algorithm in [13]
was employed with the optimized step-size parameter and tested for the severe phase
noise level of both MCSs. The number of iterations NI is set to the same value as that
in [13]. Figs. 2.8 (a) and (b) show the PER comparison results between the proposed
and iterative methods for MCS 12 and MCS 12.5, respectively. In Fig. 2.8 (a), the
iterative method requires at least 3 iterations to achieve 1% PER under similar SNR
conditions. For the highly modulated MCS 12.5, the iterative method cannot achieve
1% PER up to 40dB SNR even in the results of 4 iterations.

2.4.4

Complexity and Processing Delay

To confirm the feasibility of the proposed algorithm, I analyzed its complexity and
processing delay. To analyze the complexity, the complexity of the major operations
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Figure 2.8: PER simulation results of proposed SNR estimation and iterative method
in severe phase noise level (a) for MCS 12, (b) for MCS 12.5
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Table 2.3: Comparison results of total additional major complexity and processing
delay for one packet reception

Additional complex multiplications

Additional processing delay

Iterative method [13]

Ldat (NI − 1)(NB + 2 logM N )

N (NI − 1)

Proposed method

NC NB

LD

are investigated at first. The major parts of the phase noise mitigation algorithms that
require a large number of complex multiplications are listed in Table 2.2 [17]. The
complexity of the phase noise mitigation algorithm is dominated by the received signal replication process because the received signal replication includes the convolution
operation, which requires NB number of complex multiplications for one time-sample
replication. Table 2.3 summarizes the comparison results of the total additional major
complexity and processing delay for the iterative method and the proposed method.
In Table 2.3, Ldat denotes the length of the data-field per packet. The number of additional complex multiplications of one packet reception is calculated based on the
major operations listed in Table 2.2. In our proposed algorithm, the replication process is performed only for the CEF and not for the data-field. However, the iterative
method requires replication of the received signal for data-field reception. The datafield has a relatively longer field length Ldat than that of the CEF NC . For example, the length of the data-field in a packet modulated by MCS 12.5 can be up to
Ldat = 492, 032, which is approximately 427 times larger than the length of CEF
(NC = 2NL + NB = 1, 152) [3, 4]. Furthermore, as the number of iterations increase
to NI , the number of replications for the received signal also increase to NI − 1 in
the iterative method [13]. This is the same for other operations that constitute the entire iterative process. For example, the number of FFT and IFFT operations performed
also increase in proportion to the number of iterations. This leads to a critical increase
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in the processing delay because the FFT and IFFT operations include the serial-toparallel and inverse processes, and the increase in the delay is related to the FFT size
N.
The PER performance comparison of the proposed and iterative methods in Figs. 2.7
and 2.8 provides insight of the methodological difference of the same problem. In [13],
the phase noise mitigation error is handled using a tracking algorithm via received signal replication and iterative use of the FDE within the whole data-field. On the other
hand, the proposed method suppresses the effect of the residual phase noise by calculating the SNR considering the phase noise mitigation error in the CEF. In Fig. 2.8,
the iterative algorithm requires several iterations for the equivalent PER performance
compared with the proposed algorithm. Moreover, the complexity and processing delay of iterative algorithm increases in proportion to the number of iteration. In other
words, compared to the iterative algorithm, similar performance can be achieved with
low complexity using the proposed SNR estimation algorithm.

2.5

Conclusion

In this chapter, an SNR analysis and estimation algorithm for efficient phase noise
mitigation in millimeter wave SC-FDE systems was proposed. By analyzing the effect
of the phase noise in the SC-FDE systems, precise SNR estimation algorithm was realized, which enhanced the performance of the MMSE equalization and phase noise
mitigation. Intensive simulations were performed to confirm the feasibility of the algorithm. Compared with the conventional SNR estimation algorithm and the iterative
algorithm, the proposed SNR estimation can achieve a target PER in lower SNR without conducting any iterative process.
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Chapter 3

Integrated SC/OFDM Receiver Design for Efficient Phase
Noise Mitigation in IEEE 802.11ad

3.1

Introduction

In many respects, millimeter-wave (mmWave) wireless communication systems have
been drawings attention as a candidate for future wireless communications [18, 19,
20]. As a result, next-generation wireless communication standards aim to utilize
the mmWave bands. For example, a part of 5G communication standards employs
mmWave bands [21, 22]. For fixed wireless communications, IEEE 802.11ad was standardized with the assumption of using a wide bandwidth in 60 GHz band [23, 24]. An
extended version of IEEE 802.11ad that adopts multiple-input-multiple-output transmission and channel-bonding to achieve tens of giga-bit-per-second throughput, is also
planned to be released as IEEE 802.11ay in the next few years [25].
Among these mmWave communication standards, IEEE 802.11ad is continuously
considered as a mandatory wireless communication system that uses the mmWave
band [25]. Single carrier (SC) transmission was adopted as mandatory transmission
scheme in IEEE 802.11ad to reduce the complexity of hardware implementation [26].
In addition, orthogonal frequency-division multiplexing (OFDM) transmission was
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also considered as an optional transmission scheme to secure the performance for
communication in fixed device locations [24]. In this circumstance, IEEE 802.11ad
transceiver technology should address both the effects of degradation in the two transmission techniques so as to respond to specific common degradation factors, because
communication devices should support both transmission schemes to achieve full functionality. For example, phase noise is widely known to cause performance degradation
and is usually handled in a different manner in each transmission scheme [5].
Phase noise is generated due to imperfections in the local oscillator in radio frequency integrated circuits (RFICs) [5]. It is represented as a relatively slow-varying
continuous phase change in the time-domain and forms a convolved noise component whose power is concentrated in low-frequency components in the frequencydomain [6]. It is more advantageous to mitigate phase noise in digital baseband receivers rather than adopt high-cost implementation of RFICs, because wireless local
area networks (WLAN) usually aim to achieve low-cost and low-power receiver implementations. However, there is still a problem with phase noise mitigation in digital
baseband receivers in that they have to deal with two separate transmission methods:
SC and OFDM transmissions. This is due to the fact that interpretable reference signals
for phase noise mitigation, such as mapped data symbols and pilot symbols, exist in
different domains, time- and frequency-domains, for each transmission scheme. Phase
noise exhibits different characteristics in these different domains [6].
Many researches have been conducted on mitigating phase noise for both transmissions. In [11, 12, 13, 27], iterative phase noise mitigation was investigated for SC
transmissions. However, the iterative method is hard to implement because the complexity is proportional to the number of iterations. In [28], the effect of phase noise in
SC transmissions was analyzed based on the packet structure of IEEE 802.11ad and
the conventional soft-decision based phase noise mitigation method without iterative
technique. Based on the analysis, the residual phase noise component that cannot be
mitigated using the conventional phase noise mitigation method performed after FDE
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is regarded as a noise signal. Then, the power of the residual phase noise is reflected in
the noise power of the signal-to-noise ratio (SNR) estimation, and the residual phase
noise component is suppressed before conventional phase noise mitigation by reflecting the estimated SNR to minimum-mean-squared-error (MMSE) FDE. However, it
only considers SC transmissions.
For OFDM transmissions, the common phase compensation in the frequencydomain and the cyclic-prefix correlation based phase compensation in the time-domain
can be considered as the phase noise mitigation methods with low-complexity [29].
However, those researches did not consider the effect of the phase noise in the packet
structure of IEEE 802.11ad. Inter-carrier-interference (ICI) mitigation schemes in the
frequency-domain can also be considered [30]. However, the ICI calculation based
phase noise mitigation methods are usually operated based on the assumption that the
system phase noise model is secure. If the phase noise model is complicated, the complexity also increases. In addition, factors that change according to the operating state
such as the change of the phase noise level due to the rise of heat also makes it difficult to apply the frequency-domain ICI mitigation methods based on the phase noise
model. The iterative method can also be applied [31]. However, the complexity of the
iterative method is high, like the iterative method applied to SC transmissions.
In this chapter, I investigated the integrated SC/OFDM receiver design for IEEE
802.11ad that considers the design in [28]. Based on the receiver design for SC transmissions, OFDM receivers are designed to apply precise SNR estimation for efficient
phase noise mitigation with similar phase noise mitigation performance for SC transmissions. Modules for phase noise mitigation in OFDM receivers maximally share the
modules for phase noise mitigation in SC receiver.
The remainder of this chapter is organized as follows. Phase noise in the IEEE
802.11ad packet structure are split into four parts and introduced in Section 3.2. In this
section, the base modules that mitigate each corresponding part of the phase noise in
an SC receiver using the method in [28] are also explained. In Section 3.3, I present an
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OFDM receiver designed based on the explanation in Section 3.2. Link-level simulations and discussion for OFDM transmissions follow in Section 3.4. Then, this chapter
end with concluding remarks in Section 3.5.

3.2

Fundamentals of Phase Noise Mitigation based on the
Packet Structure of IEEE 802.11ad

The packet structure follows the scheme given in [32]. The data-field of SC and OFDM
transmissions consist of SC symbol blocks and OFDM symbols, respectively. In the
reception procedure, the received data-field is equalized in the frequency-domain for
every SC symbol block or OFDM symbol. For SC transmissions, phase noise mitigation is implemented after FDE [28].
Fig. 3.1 shows the phase noise within the depicted SC symbol block and the
OFDM symbol [6]. A guard interval (GI) is a known sequence for SC-FDE while
a cyclic-prefix (CP) is used for each OFDM symbol. In this figure, the phase noise
can be divided into four parts: common phase, linear phase, slow-varying phase, and
fast-varying phase, named as first, second, third, and fourth parts of the phase noise,
respectively. Let the phase noise and its four parts be θnP , θnP 1 , θnP 2 , θnP 3 , and θnP 4 ,
respectively, in the phase-domain. n and N denote the sample index within one SC
symbol block or OFDM symbol: n = 0, 1, · · · , N − 1. Then, the relationship between
the phase noise and its components can be represented as
θnP = θnP 1 + θnP 2 + θnP 3 + θnP 4
θnP 1

N −1
1 X P
θn = C P 1
=
N
n=0

P
P
P2
θnP 2 = (θN
−1 − θ0 )/N = nC

θnP 3 = L(θnP − θnP 2 − θnP 2 )
θnP 4 = θnP − θnP 2 − θnP 2 − θnP 3 ,
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(3.1)

Phase
Phase noise

1st part
Sum. of 1st to 2nd part
Sum. of 1st to 3rd part
Sum. of 1st to 4th part: Phase noise

Time

Phase

Parts of Phase noise

1st part: Common phase part
2nd part: Linear phase part
3rd part: Slow-varying phase part
4th part: Fast-varying phase part

Time

SC symbol block
Guard interval
(GI)

SC symbol block

GI

SC symbol block duration

OFDM symbol
Cyclic-prefix
(CP)

OFDM symbol
OFDM symbol duration

Figure 3.1: Phase noise within one SC symbol block and OFDM symbol
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where C P 1 and C P 2 are constant values for common phase part and linear phase part.
L(·) represents a function for denoting the traceable low-frequency components of the
phase noise using the conventional soft-decision. In addition θnP 4 has the property:
E[θnP 4 ] = 0, where E[·] denotes expectation.
The common phase part represents average phase distortion due to phase noise
within one SC symbol block or OFDM symbol [30]. The linear phase part is compensable linear phase distortion using the correlation between the CP and its original signal,
or using the correlation between the GIs [29]. The fourth part, the fast-varying phase
part, is a noisy component that cannot be handled easily with tracking. The third part,
the slow-varying phase part, is the main trajectory of phase noise that can be estimated
using the soft-decision and filtering methods in [13, 28]. Let sn and sbn be the transmitted symbol, and its soft-decision symbol. θbnP is the estimated phase noise. sbn is usually
obtained by peaking the symbol with the shortest Euclidian distance among the transmitted symbol set from the received symbol. For example, when 64QAM transmission
is used, the transmitted constellation set has 64 candidate symbols, and the symbol
with shortest Euclidian distance from sn is peaked as sbn . The relationship between sn
and sbn under consideration of the phase noise can be represented as:
bP

P

sbn = D(e−j θn−1 ejθn sn ),

(3.2)

where D(·) represents the soft-decision function. Soft-decision of the present symbol
can be conducted after compensating the estimated phase noise of the previous symbols, because the phase noise varies slowly due to the highly correlated characteristics
of the phase noise in the time-domain. Then, phase noise can be estimated using the
P
phase difference between ejθn sn and sbn . Then, θbnP can be estimated using the follow-

ing equation [28]:


P
θbnP = F ∠(ejθn sn − sbn ) ,
where F(·) represents the filter used to extract the slow-varying components.
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(3.3)

In SC transmission, the first three parts are estimated using conventional softdecision and filtering methods simultaneously after FDE [13, 28]. This is possible
because known GI sequences are inserted in every end of the SC symbol blocks, and
common phase can be estimated together with the initial phase during GI reception.
Based on the initial phase, the first three parts can be estimated continuously using
soft-decision during data symbol reception. The fast-varying phase part can be suppressed in advance as a part of thermal noise during the equalization process using
precise SNR estimation [28].

3.2.1

Precise SNR estimation

IEEE 802.11ad standard adopts SC-FDE-aided packet structure. Channel impulse responses and SNR of the received packet are usually estimated in the packet preamble,
and are used for MMSE-FDE. The precise SNR estimation method was proposed for
packet-based SC-FDE systems [28]. This method aims to suppress the fourth part of
the phase noise during MMSE-FDE. It regards the fourth part of the phase noise as
a part of thermal noise and reflects its power to calculate noise power. By applying
the same phase noise mitigation method in (3.3) to the packet preamble and payload,
the fourth part of the phase noise can be suppressed using estimated SNR values for
MMSE-FDE. To mitigate the first three parts of the phase noise in the packet preamble, replicated preamble, which is generated by convolving initially estimated channel
impulse responses and preamble sequences, is used as references to estimate the combined first three parts of the phase noise.

3.3

OFDM Receiver Design based on SC receiver for Efficient Phase Noise Mitigation

In SC transmissions, mitigation of the first three parts of the phase noise can be regarded as one part and can be mitigated simultaneously. The mitigation performance
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for the first three parts is mainly influenced by the tracking performance of the conventional phase noise mitigation using soft-decision in (3.2). In addition, after the first
three phase noise is assumed to be mitigated, the fourth part is suppressed using precise SNR estimation in the common preamble of the received packet [28]. For OFDM
transmission, if we can apply the phase noise mitigation method in SC transmissions
to OFDM transmissions, the first three phase noise parts of the equalizer output signal
in a OFDM transmission can be mitigated to a level similar to that of a SC transmission
and the hardware structure can also be mostly shared. In this situation, the remaining
fourth part can be suppressed during FDE in the same manner as SC transmissions.
However, the first three parts cannot be mitigated by directly applying the conventional methods for SC transmissions, because the first three parts are non-correlated
noisy distortions, such as ICI, within arbitrary data symbols in the frequency-domain,
i.e, the soft-decision performance cannot be secured for frequency-domain data symbols in OFDM transmission. Therefore, phase noise that can be mitigated prior to the
soft-decision should be mitigated in advance to increase the soft-decision accuracy.
To increase the soft-decision accuracy of frequency-domain symbols and mitigate
the first three parts of the phase noise, each of the first two parts should be mitigated
before the soft-decision process. As a first step, the linear phase part is estimated using
the correlation between the CP and its original signal at the end of the OFDM symbol [29]. Then, the estimated average phase difference between the CP and its original
signal is linearly compensated in the middle of the OFDM symbol in time-domain, and
FDE is followed in the frequency-domain. The common phase part is estimated by averaging the phase distortion of the pilot symbols in the frequency-domain, because
the common phase can be regarded as constant distortion over all subcarriers [30].
Soft-decision follows after compensation of the first two parts. To recover the timedomain signal, inverse fast Fourier transform (IFFT) is applied to the soft-detected
frequency-domain symbols. The converted OFDM symbol is convolved with the estimated channel impulse response that is estimated using the common preamble of
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Figure 3.2: Receiver design for efficient phase noise mitigation in IEEE 802.11ad
packet in advance [13, 31]. Finally, an instantaneous phase error of the first three parts
can be calculated by comparing the phase of the received time-domain OFDM symbol
and the convolved soft-detected time-domain symbol. Then, the first three parts of the
phase noise can be estimated and mitigated using the filtered instantaneous phase error.
Consequently, the fourth part can also be suppressed during FDE with the estimated
precise SNR [28].
Fig. 3.2 shows the conventional and proposed OFDM receiver architecture. The SC
receiver architecture is also illustrated as a reference. The modules for SC receiver are
fully utilized for proposed OFDM receiver. Modules for conventional phase noise mitigation are denoted using dashed-line box. Additional modules for proposed OFDM
receiver are denoted using gray shading. The increase of the implementation complexity is mainly occur due to the additional IFFT, and the received signal replication. In
general, the first two or three parts are regarded as conventional compensable parts of
the phase noise. If we aim to mitigate the conventional compensable parts of the phase
noise, it only requires linear phase compensation and common phase compensation.
In addition to the mitigation of the first two parts, the third part can also be mitigated
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using the phase noise trajectory estimation and mitigation method. However, by adopting the mitigation method of the third phase noise part for SC transmissions to OFDM
transmissions, we can utilize the phase noise mitigation modules of SC transmissions
for OFDM transmissions and can apply precise SNR estimation.

3.4

Simulation Results for OFDM transmission

The performance of SC transmission has already been evaluated in [28]. Therefore, I
focused on performance evaluation of the designed OFDM receiver. To confirm the
packet-error-rate (PER) performance of the designed OFDM receiver, I conducted
link-level simulation. A detailed description of the simulation parameters are listed in
Table 3.1. Note that I changed the OFDM sample rate of the OFDM transmission from
2640 MHz to 1760 MHz. This was done because the bandwidth of the used subcarriers
exceeded the SC chip rate, and channel frequency responses that exceed the SC chip
rate cannot be estimated with conventional schemes using Golay sequences in packet
common preambles. Instead, I used more subcarriers to maintain the consistency of
the packet throughput.
Simulations were conducted under the six conditions. For each tested SNR step,
5,000 channels were realized using the living-room (LR) non-line-of-sight (NLOS)
channel model [15]. All simulations were performed until the PER of each tested condition fall below 1% or the end of tested SNR step. Note that the 1% PER is the recommended test value in IEEE 802.11ad standard [32]. The first condition was tested
without phase noise as a base line simulation, and the phase noise was applied only for
the simulations using the last five conditions. The second condition was tested without
phase noise mitigation. The third condition was only applied to the common phase
part mitigation. For the fourth condition, the linear phase part was mitigated in addition to the common phase part. The simulation of the fifth condition was conducted to
mitigate the first three parts of the phase noise. These simulation results correspond to
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Table 3.1: Simulation parameters
Parameter Name

Value

OFDM sample rate

1760 MHz

Number of total subcarriers

512

Number of pilot subcarriers

16

Number of null subcarriers

4

Number of data subcarriers

492

Channel coding type

low density-parity check (LDPC)

Codeword length

672

Code-rate

13/16

Modulation

16QAM

64QAM

Throughput

4397.25 Mbps

6596.875 Mbps

Corresponding MCSa

21

24

Channel model

LR-NLOS [15]

Phase noise model

One-pole one-zero model [16]

Pole / Zero

1 MHz / 100 MHz [16]

Tested phase noise level (PSD0b )

-82 dBc/Hz

Number of Info. bits / packet
a Modulation
b Power

-87 dBc/Hz

65,536 bits (8,192 bytes)

and coding scheme (MCS) in IEEE 802.11ad

spectral density of the low-frequency components
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the performance of the conventional phase noise mitigation methods or the results of
the one or two iterations with the iterative methods [13]. The performance of the last
condition was evaluated using all mitigation methods for all parts of the phase noise.
This shows the performance that can be improved using the precise SNR estimation
for MMSE-FDE rather than iterative manners.
Fig. 3.3 shows the PER simulation results for all tested conditions with 16QAM
and 64QAM. In the result of the second condition, we can see that the PER performance was extremely degraded due to phase noise. From the comparison results of
the third to sixth conditions, the PER performances go to lower PER as the number
of the applied mitigation methods increases. However, competitive results which can
achieve 1 % PER can be obtained by applying all methods. The simulation result for
the last condition shows that applying precise estimated SNR in OFDM transmissions
can reduce the required SNR for achieve 1% PER to 0.8 dB and 1.2dB for 16QAM
and 64QAM test environments, respectively.
To show the effectiveness of the application of precise SNR estimation for efficient phase noise mitigation in OFDM transmissions, I evaluated the required SNR to
achieve 1% PER under various phase noise levels. Figs. 3.4 (a) and (b) show the required SNR to achieve 1% PER for tested 16QAM and 64QAM OFDM transmissions,
respectively. As shown in these figures, applying precise SNR estimation for OFDM
transmissions can reduce the required SNR for 1% PER regardless of the applied phase
noise level. As the phase noise level increases, the performance improvement of precise SNR estimation increases. Under severe phase noise levels, -82 and -87 dBc/Hz
for 16QAM and 64QAM, the required SNR decreased 1.2 dB and 0.8 dB, respectively. In addition, precise SNR estimation shows better performance improvement
using 16QAM transmissions compared to that of using 64QAM transmissions, i.e.,
precise SNR estimation method operates more efficiently in low SNR environments.
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Figure 3.3: PER simulation results (a) for 16QAM under PSD0 = -82 dBc/Hz, (b) for
64QAM under PSD0 = -87 dBc/Hz
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3.5

Conclusion

In this chapter, I introduced an integrated receiver to apply precise SNR estimation
methods for effective phase noise mitigation in SC and OFDM transmissions in IEEE
802.11ad. Based on the conventional receiver implemented for efficient phase noise
mitigation in SC transmissions, OFDM receiver was designed to mitigate phase noise
by applying a method similar to SC transmissions with little increase in complexity. The simulation results show that OFDM receivers can achieve competitive performance compared to the result without phase noise in the presence of phase noise.
In addition, the required SNR for 1% PER decreased 1.2 dB and 0.8 dB for 16QAM
and 64QAM transmissions, respectively, when the precise SNR estimation method designed for SC transmissions is applied.
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Chapter 4

Low Latency Path Metric Extractor Design for List Successive Cancellation Decoder of Polar Codes

4.1

Introduction

Polar code is firstly introduced by Arikan [33]. It theoretically achieves channel capacity on a binary erasure channel. For decoding polar codes, successive cancellation
decoding (SCD), which decodes an information bit in a sequential manner, is introduced [33]. However, when using a short block length, the decoding performance is
lower than the other error correcting code techniques, such as low-density parity check
codes, for the same block length [34]. To overcome this shortcoming, list decoding has
been introduced in SCD [34]. By decoding all the paths of the information bits having
the highest path metric (PM) within L paths, even if the priority of PM of the correct
decoding path temporarily decreases, the priority of PM is restored again at the end
of decoding the block. Therefore, the correct decoding of information bits can be expected. In addition to the list SCD (LSCD) technique, cyclic redundancy check (CRC)
codes were applied to improve the list decoding performance [34]. In particular, by
adding the CRC bits to the tail of the information bits, the path that does not have the
highest priority PM but remains in the list without being missed may be utilized for
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correct decoding. For reducing the decoding complexity, log-likelihood-ratio (LLR)
based interpretation of LSCD was also introduced in [35]. The PM is also summarized
using LLR with low complexity. As a result, polar codes are adopted as the forward
error correction technique for control and broad cast channels for 5G standard [36].
Although many studies have investigated the decoding scheme with reduced complexity, the problem persists. One of them is the sorting complexity of PM values
during list decoding. The higher the number of paths stored in the list, L, the lower
the probability of errors in the information bits. However, the complexity involved in
selecting L higher priority PM values among 2L extended PM (EPM) values increases
exponentially [37]. In particular, time-complexity, which is induced by the sequential
process of employing sorting algorithms, causes long processing latency. This is because the sorting process of list decoding should be conducted for the decoding of
every information bit in a sequential process.
There have been many studies that completely extract the smallest L number of
PM values among the 2L number of EPM values. However, in all these studies, processing latency increases with the number of L [38, 39, 40, 41]. To overcome this
drawback, a method, which drastically reduces the latency, has been introduced based
on the partial sorting or the PM values detection with certain threshold values [42, 43].
It uses the characteristics of EPM values, i.e., the first half of 2L number of EPM
values for the decoding of present information bit are the resultant L number of PM
values extracted from the previous information bit. It achieves very low latency, but
still employs partial sorting as a part of each algorithm. Furthermore, the block-error
rate (BLER) performance decreases.
In this chapter, we introduce PM value extraction method, which can achieve competitive BLER performance without any sorting technique, as compared to the method
in [43]. Our method utilizes the maximum and minimum of the PM values, which are
calculated from previous information bits. Hereafter, the threshold values are found in
order to extract the L smallest PM values among the 2L number of EPM values. After
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LLR calculation for the present information bit, we just extract L values by comparing
the 2L temporary extended PM values with the threshold value. The threshold value is
optimized by BLER simulations. Without loss of generality, the threshold value of our
proposed method is commonly applied regardless of the list size L or the employed
code-rate. By applying our algorithm, we achieve almost 1.1 stage, or logical delay,
for the extraction of the smallest L number of PM values among 2L EPM values.
The chapter is organized as follows. A brief explanation of PM in LSCD is presented in Section 4.2. Then, our proposed method is introduced in Section 4.3. Simulation results will be established in Section 4.4. Finally, concluding remarks will be
presented in Section 4.5.

4.2

Path Metric of LLR based LSCD

The path metric calculation method is derived in [35]. Let i and l be the decoding bit
index and path index with i = 0, 1, · · · , Nc − 1 and l = 0, 1, · · · , L − 1, respectively.
Nc and L are the number of coded bits and the number of maximum paths in the list,
respectively. Let Pil be the path metric value of the ith decoding bit of the lth list.
0

Then, EPM values Eil (l0 = 0, 1, · · · , 2L − 1) can be expressed using the survived PM
l
values of previous decoding bit Pi−1


 P l0 ,
l0 = 0, · · · , L − 1
i−1
Ei =
,
 P l0 −L + |λl0 −L |, l0 = L, · · · , 2L − 1
i−1
i
l0

(4.1)

where λli is the resultant LLR value of the ith decoding bit of the lth path. The pri0

ority of the specific path is higher when the corresponding Eil has a smaller value as
0

compared to others. To extract L number of Pil values from 2L number of Eil values,
0

the smallest L number of Eil should be selected. In a conventional manner, Pil can be
0

extracted after sorting 2L number of Eil in an ascending order.
LSCD decodes information bits sequentially. For each information bit decoding,
the path metric extraction should be executed after LLR calculation of the present
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Figure 4.1: Nil distribution according to the increase of information bit reliability

information bits. Therefore, the logical latency of the decoder should be considered as
an important factor. Let SLLR (N ) and SEXT (L) be the latency of λli calculation and
Pil extraction, respectively. SLLR (N ) and SEXT (L) is the function of the block length
N and list size L. Then, the logical latency for decoding one bit can be expressed as
the sum of SLLR (N ) and SEXT (L) [37, 38, 39, 40, 41, 42, 43].

4.3
4.3.1

Proposed Path Metric Extraction Method
Analysis of Normalized EPM
0

0

To extract Pil from the exactly sorted Eil , λli calculation and Eil sorting should be
conducted sequentially. If L grows up, SEXT (L) using exact sorting accounts for a
significant portion of the entire decoding latency, SLLR (N ) + SEXT (L) [37, 38, 39,
40, 41]. However, if a part of the Pil extraction process can be conducted in parallel
l ,
with λli calculation, SEXT (L) can be reduced. To reduce SEXT (L), we utilize Pi−1

which are pre-obtainable values without calculating λli . To observe the relationship
0

0

l
between Pi−1
and Eil , we collected the normalized distribution of Eil . Normalization
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Figure 4.2: Ordered Nil distribution according to the increase of information bit reliability
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Figure 4.3: Ordered Nil distribution according to the increase of SNR level

criteria is as follows:
0

0
Nil

l
Eil − minPi−1

=

l

l
maxPi−1
l

l
− minPi−1

.

(4.2)

l

0

Figures 4.1 (a), (b), (c), and (d) show the Nil (l0 = 0, 1, · · · , 2L − 1) distributions
for L = 32. These four distributions are illustrated according to the increase in the
reliability of the information bit, which corresponds to the channel capacity of a polar
0

sequence. Fig. 4.2 shows an ordered distribution of Nil in Fig. 4.1. The information
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bit reliabilities of each sub-figure is the same with the sub-figures in Fig. 4.1. For
0

convenience of description, Nil with l0 = 0, 1, · · · , L − 1 is denoted as the previous
0

set, and Nil with l0 = L, L + 1, · · · , 2L − 1 is denoted as the present set. In addition,
previous set is arranged in ascending order. In Fig. 4.1, although values in previous
set are arranged in ascending order, corresponding values in present set show arbitrary
0

distributions, because the corresponding |λli −L | has arbitrary values. As a result, some
values of the present set have a higher priority as compared to some values of the
previous set in Fig. 4.2 (a). However, as the reliability of the decoding bit increases,
the values in present set becomes higher and the sorting operation is not required.
Specifically, all the values of present set are higher than unity, which corresponds to
0

the maximum value in previous set. Figures 4.3 (a) and (b) show the Nil distributions,
according to the level of signal-to-noise ratio (SNR) for the same decoding bit. SNR
level of Fig. 4.3 (a) is the same with Figs 4.1 and is illustrated as a reference. In Fig. 4.3
(b), even though the channel capacity of the corresponding decoding bit is low, values
of present set show higher values than unity.

4.3.2

Proposed Path Metric Extraction Method

From the analysis in Section 4.3.1, we can see that the Lth smallest value, which
corresponds to the threshold values to extract the smallest L number of EPM values,
0

is small or equal to unity. Therefore, Pil extraction from Eil can be considered as the
problem of selecting optimal threshold coefficient β which is less than unity. Note that
the normalization process does not require practical implementation. The threshold
value of the first iteration for the ith information bit, Fi1 , can be calculated as:
l
Fi1 = minPi−1
+ Ti1 ,

(4.3)

l
l
Ti1 = (maxPi−1
− minPi−1
) × β.

(4.4)

l

where Ti1 can be expressed as

l

l
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Figure 4.4: Normalized threshold values according to the increase of (a) decoding bit
reliability and (b) decoding bit threshold

Using Ti1 , Pil can be extracted by selecting values smaller than Fi1 among the values
0

in Eil .
0

To find β, we observed the Lth smallest value among 2L number of Nil (l0 =
0, 1, · · · , 2L − 1) for all information bits. The results is presented in Fig. 4.4 (a). The
horizontal axis is an ordered information bit index according to the increase in the
information bit reliability. The blue line shows the mean threshold values of 10,000
blocks, and the red line shows the mean threshold values of the smallest 100 blocks
over 10,000 blocks. The results show that as the reliability increases, the Lth smallest
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value also increases. While decoding the information bit with high reliability, the Lth
smallest value converges to 1, i.e., increasing the tendency of the Lth smallest value
is identical to the analysis results in Fig. 4.1 and 4.2. Thus, if we want to apply a
universalized threshold value for all information bits, which have different reliability
to each other, the threshold value should be determined based on the low reliability
information bit. Fig. 4.4 (b) shows the re-ordered results of Fig. 4.4 (a), in ascending
order of the Lth smallest value. From this result, it can be seen that the Lth smallest
value of low reliability bit corresponding to the lower 1% is formed near 0.7. Based
on these results, we performed BLER evaluation simulation and optimized β to 0.75,
which shows the best BLER performance and can reduce the amount of computation
in the implementation, i.e., multiplication of 0.75 (1-0.25) can be implemented using
just one subtracter.
After the extraction, the number of elements satisfying the condition should be
checked. Let Mi1 be the number of elements that is smaller than Fi1 . Then, the remainder condition can be divided into two cases. The first condition is Mi1 <= L. In this
case, the rest of the extracted elements corresponding to the L − Mi1 elements should
be filled with the rest of previous set which cannot be selected using Fi1 . This is in
line with the reason why only previous set should be selected without extraction at the
decoding of high capacity bits or high SNRs. The second condition is Mi1 > L. In
this case, iterations are required to reduce the candidate of Pil . For the vth iteration,
l
+ Tiv . After the iteration, if the condiwe set Tiv = Tiv−1 × β and Fiv = minPi−1
l

tion of Miv meets Miv <= L, the rest L − Miv elements is chosen from the elements
that are included in the first selection but are not included after iteration. Among these
elements, elements that are included in previous set are first chosen as the same as
before iteration. Note that all the processes related with the threshold calculation and
comparison with the values in previous set can be conducted simultaneously with the
LLR calculation process, i.e., SEXT (L) does not increase.
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Figure 4.5: BLER performance, (N, K, C) = (1024, 512, 16)

4.4

Simulation Results

To confirm the effectiveness of our proposed algorithm, we evaluated BLER performance. 5G encoders are used for simulation [36]. The block length Nc is set to 1024,
and adopted as the block length of the 5G control channel. The number of information
bits K and the number of CRC bits C is set to 512 and 16, respectively. Simulations
are performed with an addictive white Gaussian noise channel. Various list sizes, such
as L = 8, 16, 32 which require large sorting complexity, are tested. For each tested
SNR step, 100,000 channels were realized. The maximum number of iterations of the
proposed algorithm is set to 2. For the performance comparison, two additional simulations were performed using perfect sorter and advanced double threshold scheme
(DTS-A) in [43]. The rejection threshold γl of DTS-A is optimized according to each
list size.
Fig. 4.5 illustrates the BLER simulation results. Compared to BLER using perfect sorting, the performance degradation to achieve 0.1% BLER of our algorithm
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Table 4.1: Number of Iterations at 1.8 dB SNR, (N, K, C, L) = (1024, 512, 16, 32)
Number of iterations

1

2

Proportion (%)

98.93

1.07
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Figure 4.6: BLER performance, (N, K, C) = (512, 32, 24)

lies within 0.06 dB SNR regardless of tested list size L. Moreover, as the list size
increases from 8 to 32, the performance degradation decreases within 0.03 dB. For
the comparison results with DTS-A, our proposed algorithm shows competitive BLER
performance, regardless of list size L.
Table 4.1 lists the number of iterations required to achieve corresponding BLER
for our proposed algorithm. Twenty thousand packets are tested for each simulation.
L is set to 32. In this table, 1 iteration means that there is no repetition for extracting
PM. Our proposed algorithm is not required in most cases, i.e., average number of
iterations does not exceed 1.02. Hence, the latency is limited to 1 in most cases.
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Table 4.2: Number of Iterations at −5.6 dB SNR, (N, K, C, L) = (512, 32, 24, 32)
Number of iterations

1

2

3

Proportion (%)

94.05

5.79

0.16

To check the robustness of the proposed algorithm, we evaluated additional BLER
performance for a block length of N = 512, which is adopted value for the 5G broadcast channel, in Fig. 4.6. K, C, and L are set to 32, 24, and 32, respectively. Reflecting
the low operating SNR region due to the decreased K/N ratio, the maximum number
of iterations of the proposed algorithm is set to 3. Simulation results show that the
required SNR using the proposed algorithm is lower, as compared to using DTS-A.
Additionally, the required SNR degradation is less than 0.03 dB, as compared to that
when an exact sorter is used.
Table 4.2 lists the number of iterations required to achieve the corresponding
BLER for our proposed algorithm for (N, K, C) = (512, 32, 24). One hundred thousand packets are tested for each simulation. L is set to 32. In this table, we can see that
the number of iterations that exceeds unity are increased due to the low SNR. However,
the average number of iteration is less than 1.07, which still holds the low latency.

4.5

Conclusion

This chapter proposed a low latency path metric extractor algorithm for LSCD of polar
codes. Our proposed algorithm can achieve competitive BLER performance without
the use of sorting algorithm, as compared with the perfect sorting algorithm. Moreover,
the latency of our algorithm equals unity in most cases. As a result, a low complexity
low latency LSCD can be implemented using our algorithm.
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Chapter 5

Conclusion

In this work, I analyzed the effects of phase noise and introduced an efficient
phase noise mitigation method for mmWave communication systems based on the
IEEE 802.11ad standard. The proposed algorithm effectively mitigated residual phase
noise regardless of the phase-noise level in NLOS environments. In addition to the
phase noise mitigation method, an integrated receiver design to support phase noise
mitigation for both SC and OFDM transmission schemes is proposed. The proposed
phase noise mitigation can be efficiently applied to OFDM transmission using the proposed integrated receiver design. To enhance the error correction module feasibility of
emerging 5G communications systems, a low-latency path metric extractor for LSCD
of polar codes was proposed. Using the proposed path metric extractor, the LSCD
achieved a logical latency very closed to 1 regardless of the list size. Furthermore, the
proposed path metric extractor showed competitive performance compared to the conventional full path metric extractor. By applying the proposed algorithms, implementations of emerging communications systems can be simplified, and the performance
can be improved.
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초록

본 학위 논문에서는 신흥 통신 시스템 표준을 사용하는 무선 통신 시스템을 위
한 효율적인 수신기 설계 방법에 대해 연구하였다. 먼저 밀리미터파 대역을 사용하
는 최초의 무선 근거리 통신망(Wireless local area network, WLAN) 규격인 IEEE
802.11ad를 기반으로 한 단일 반송파 (Single-carrier, SC) 주파수 도메인 등화 (Frequency domain equalization, FDE) 시스템에서 위상 잡음을 완화하는 방법에 대해
연구하였다. 특히, 기존의 위상 잡음 완화 방법을 적용한 후 잔류 위상 잡음을 완화
하는 방법에 주목하였다. 제안한 방법은 심각한 위상 잡음 수준 하에서 정확한 신호
대 잡음비(Signal-to-noise ratio, SNR)를 제공하고, 또한 잔류 위상 잡음의 전력을
추정 신호 대 잡음비에 반영한다. 이 후, 추정한 신호 대 잡음비를 사용하여 데이터
필드 SC-FDE 프로세스 동안 잔류 위상 잡음을 억제한다. 제안한 방법은 비 가시선
(None line-of-sight, NLOS) 환경에서도 잔류 위상 잡음을 효과적으로 완화 할 수 있
다. One-pole one-zero 위상 잡음 모델의 -82 dBc / Hz 저주파 성분 전력 (PSD0)을
갖는 심각한 위상 잡음 환경에서, 기존의 SNR 추정 방법은 최대 10 dB 이상의 평균
SNR 추정 오차가 발생하였으나, 제안한 방법은 평균 SNR 추정 오차는 최대 3 dB
미만이다. 또한, 기존의 방법을 사용하여 추정한 SNR의 표준 편차는 2 dB 이상이었
으나 제안한 방법을 적용시 0.5 dB 이하의 값을 가짐을 확인하였다. 전체적인 성능을
확인하기 위해 64QAM 변조, 13/16 코드 레이트 및 -88 dBc/Hz PSD0 환경에서 linklevel 시뮬레이션을 수행한 결과, 기존의 방법으로는 1%의 PER을 달성할 수 없으나,
제안한 기법을 적용시 36 dB SNR에서 1% PER을 달성할 수 있음을 확인하였다.
다음으로, 첫 번째 연구 주제의 제안 된 위상 잡음 완화 방법을 SC 및 직교 주
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파수 분할 다중화 (Orthogonal frequency-division multiplexing, OFDM)에 적용 할
수있는 통합 수신기 설계를 제안하였다. 제안한 통합 수신기는 효율적인 위상 잡음
완화를 위한 모듈을 포함하는 SC 수신기의 구조를 OFDM 수신기와 효과적으로 공
유 할 수 있으며, SC 전송을 위한 위상 잡음 완화 방법 또한 OFDM 전송에 적용할
수 있다. link-level 시뮬레이션 결과는 첫 번째 연구 주제에서 제안 된 방법을 심각한
위상 노이즈 레벨의 OFDM 전송에 적용함으로써 확인하였고, 1% PER을 달성하는
데 필요한 SNR이 16QAM 및 64QAM OFDM 전송에 대해 각각 1.2dB 및 0.9dB 감소
함을 확인하였다.
마지막으로 5 세대 모바일 통신 시스템의 구현 가능성을 높이는 방법을 연구
했습니다. 특히, 기존의 이동 통신 시스템에서 사용하지 않았던, 새로 도입 된 오
류정정부호 (Forward error correction, FEC) 기술인 극 부호에 중점을 두고 연구를
수행하였다. 극 부호의 복호에는 일정 성능을 보장하는 연속 제거 복호가 가장 널리
사용된다. 그러나, 모든 순차적인 정보 비트 복호에 대해 2L 개의 확장 경로 메트릭
값으로부터 L 개의 최소 경로 메트릭 값을 추출해야 한다. 즉, 긴 복호 처리 시간이
경로 메트릭 추출 절차에 의해 유도된다. 이 경로 메트릭 추출 절차는 2L 개의 확장
경로 메트릭 값 정렬을 기반으로 수행되며 긴 순차적 프로세스가 필요하다. 이 지
연 시간을 줄이기 위해 정렬, 또는 순처적인 절차 없이 L 개의 가장 작은 수의 경로
메트릭 값을 추출하는 방법을 제안하였다. 제안한 방법은 모든 경로 메트릭 값을 정
렬하지 않고 임계 값보다 작은 경로 메트릭 값을 추출하는 경험적 병렬 추출 방법을
채택하였다. 임계 값은 모든 정보 비트 색인에 따라 경로 메트릭 값의 분포를 분석하
여 결정하였다. 이 추출 절차는 L 개의 경로 메트릭 값이 추출 될 때까지 반복적으로
수행한다. 제안한 추출 방법의 효과를 검증하기 위해 5G 제어 및 방송 채널에 대해
블록 착오율 (Block-error-rate, BLER) 시뮬레이션을 수행하였다. 시뮬레이션 결과,
제안한 추출 방법의 평균 논리적 대기 시간 (순차 단계)이 1.1보다 작음을 확인하였
다. 또한, 0.1% 블록 착오율을 달성하는 데 필요한 신호 대 잡음비의 저하는 정확한
분류기를 사용하는 것에 비해 목록 크기 L의 개수에 상관없이 0.06 dB 미만임을
확인하였다.
이 논문에서 제안 된 기술을 적용함으로써, Beyond 5G 규격 기반 무선 통신 시
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스템의 기저 대역 수신기 위상 잡음 완화 성능 및 극 부호 복호기의 구현 가능성이
향상 될 수 있다.

주요어: 위상 잡음 완화, 채널 추정, 신호 대 잡음비 추정, 극부호, 목록 복호, 경로
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